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The problems associated with single sideband (SSB) radio transmitters 
are primarily those of achieving both a spectrally clean output and a 
high DC to RF conversion efficiency. In the majority of applications 
the linearity of a transmitter is considered to be a more important 
requirement than efficiency, making the transmitter a poor convertor 
of DC into RF energy.
An approach whereby both good linearity and efficiency may be obtained 
is known as the Polar-Loop Technique in which a large amount of 
negative feedback may be applied to a radio transmitter without 
compromising the stability of the RF amplifiers. This is achieved by 
resolving the SSB signal into polar coordinate form to produce two 
signals: one proportional to the instantaneous amplitude of the RF 
signal and the other to its instantaneous phase. These component are 
functions of the modulating signal and have bandwidths which are much 
lower than those of the RF circuits. By applying feedback in each 
component the excess phase shift introduced by the RF circuits into 
the feedback loops is small and consequently, a large amount of 
feedback may be employed without causing instability.
This thesis is primarily concerned with the application of the Polar- 
Loop Technique to high frequency (HF) SSB radio transmitters.
The early chapters of this thesis discuss the important aspects of HF 
transmitter design, practice and constraints together with methods of 
improving the linearity or efficiency of such transmitters. 
Subsequently, the Polar-Loop Technique is introduced and the 
properties and potential sources of spurious emissions from
(11)
transmitters of this type are described. Several possible transmitter 
configurations suitable for broadband HF applications are presented 
and the problems associated with the implementation of HF Polar-Loop 
Transmitters are outlined. In order to demonstrate the properties and 
capabilities of transmitters based on the Polar-Loop Technique a 100 W 
broadband HF unit has been designed and evaluated and the results 
obtained using this transmitter are presented and described in detail.
(iii)
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CHAPTER 1
HIGH FREQUENCY LINEAR TRANSMITTERS
Summary
This chapter outlines the most important aspects of high frequency 
transmitter design, practice and constraints. Particular emphasis is 
placed on power amplifiers which are the most significant factor in 
determining the overall linearity and efficiency of the complete 
transmitter.
1.1 Introduction
The high frequency CHF) band covering 1.6 MHz to 30 MHz continues to 
occupy a position of considerable importance in the communications 
field primarily due to its ability to support long distance traffic 
reliably, using relatively simple and inexpensive equipment. Typical 
of the uses of these frequencies are military communications, point 
to point, aeronautical, diplomatic and maritime services. Long range 
communication relies on refraction of radio signals by the ionosphere, 
a continually changing medium, thus different operating frequencies 
are required for different times of the day, season and sunspot cycle 
Cl). Therefore HF transmitters generally employ frequency synthesizers 
which cover the whole of the HF band. The synthesizer drives a series 
of linear amplifiers that are either broadband, or tuned with automatic 
fast tuning networks. Although the versatility of the transmitters 
is increasing all the time, especially since the advent of the micro­
processor C2), the modes of modulation remain the same. These are
principally single sideband (SSB) and independent sideband (ISB) speech, 
and frequency shift keyed (FSK) data. This thesis is primarily con­
cerned with broadband HF SSB transmitters.
The constraints placed on operating levels of mixers and filters require 
tliat SSB generation takes place at low power levels, typically 0 dBm, 
at a fixed frequency. At least one frequency translation and several 
stages of gain are required to produce a signal at the desired frequency 
and power. All stages from input to output must possess reasonably 
linear transfer characteristics as for SSB - or any other form of 
amplitude modulation - the RF output is proportional to the modulating 
input. Any departure from linearity results in a distorted output 
signal. Harmonic distortion of the RF output is not usually troublesome 
as it can be reduced to acceptable levels by filtering. Unfortunately, 
spurious frequency components known as intermodulation products are 
also generated which fall too close to the wanted signal to be removed 
by filtering. This results in a spreading of RF energy which may 
cause a problem for adjacent channel users but not necessarily for a 
selective receiver tuned to the transmission. In practice no system 
is perfectly linear and measurements are performed to quantify the 
degree of distortion present.
1.2 The Two Tone Test
The overall intermodulation spurii levels arise from contributions by 
two distinct mechanisms: that due to non-linearity of a device’s 
amplitude transfer characteristic, and the occurrence of amplitude 
dependent phase shifts through the device (3).
Consider the intermodulation distortion arising from amplitude non- 
linearity. The transfer characteristics of any device for an input 
current i^ resulting in an output current i^ may be represented as a 
series of the form:
i = I + a.i. + a.i? + a_i? + ... + a i? (1.1)o dc l i  2 i  3 1 n 1
where a^ are constants and is the amplifier quiescent current. An
RF input signal consisting of a single sinusoid only gives rise to
spurious outputs at integer multiples (harmonics) of the input frequency
which may be conveniently attenuated by suitable filters. A typical
input to a linear amplifier, for example speech, would consist of
little
many frequencies. A single frequency test signal imparts information 
as to the effect of non-linearity on such a signal. Clearly some form 
of complex waveform is required and the simplest and most commonly used 
is the two tone test signal.
The two tone test signal consists of two RF sinusoids (tones) generally 
of equal amplitude and separated slightly in frequency. If the tones 
are of equal amplitude the resultant output envelope varies from zero 
to the sum of the level of the tones at a rate equal to their difference 
frequency. Figure 1.1 shows the characteristics of this signal. When 
injected into a device or system with a transfer function like 
equation 1.1 it can be shown (3) that the resulting output will consist 
of the two amplified tones and frequency components (in addition to 
harmonics) that are generated by higher order terms. These additional 
frequency components are known as intermodulation products. Those 
products due to even order terms fall either near harmonics of the 
input tones or near audio frequency. Frequency components generated by 
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them. The pair of components lying closest to the two tones are due 
to the cubic term of equation 1.1 and are called the third order inter­
modulation products. If the two RF input frequencies are f^ and 
then the third order products fall at 2f^ - f2 and 2f2 - f^. Similarly 
the next pair of products called the fifth orders result from the fifth 
power term of the series and fall at frequencies 3f^-2f2 and 3^2-2f^, 
and so on. The frequency spacing between adjacent intermodulation 
products is always equal to the difference in frequency of the two input 
signals. Figure 1.2 illustrates the relationship between the third 
and fifth order products and the test signal.
Phase modulation distortion occurs when the phase shift through a 
device or circuit changes as a function of the amplitude of the RF input 
signal envelope. In transistors this is due to variations in their inter­
electrode capacitances. If a two tone test signal is passed through a 
device or circuit C0k.u5.ing phase modulation it can be shown (4) that 
distortion products are again produced symmetrically in frequency and 
amplitude about the two tones. These products occur at the same frequ­
encies as those due to amplitude non-linearity. In this case however 
one of the odd order distortion products is in phase, and the other 180° 
out of phase with the corresponding amplitude distortion product. The 
vector sum of the corresponding amplitude and phase spurii gives the 
resultant output intermodulation spectrum. Viewed on a spectrum analyser 
the separate contributions due to phase and amplitude distortion cannot 
be distinguished. However, if for a given order of products the phase 
and amplitude contributions are similar in magnitude then the presence 
of phase distortion in addition to amplitude distortion can be detected 
due to the resultant amplitude asymmetry of that pair of products.
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Fig. 1-3 Typical Whi^e Noise Frequency Dishribuhon.
The number of intermodulation products and their level relative to the 
tones gives a measure of a circuit's non-linearity. Third order products 
are generally of greatest magnitude and their level relative to the 
input tones is most often quoted when specifying the linearity of a 
system.
Since a multi-frequency test signal has an instantaneous power level 
which varies with time, power levels are normally expressed in terms of 
peak envelope power CPEP). This is the RMS power at the peak of the 
envelope. When the test signal consists of multiple signals with equal 
amplitudes and different frequencies the relationship between mean 
power and PEP is given by:
PEPMean power = —^  (1.2)
where N is the number of input tones.
Therefore,when measuring the power level of a standard two tone test 
signal, a true average reading power meter will indicate half the PEP 
of the signal. In this context, when expressing distortion ratios it 
should be clearly stated whether the measurement is referenced to the 
amplitude of either one of the tones or to the PEP. Referencing with 
respect to PEP results in an optimistic result by 6 dB. Except where 
stated the distortion level relative to either tone is always specified 
in this thesis.
Although the two tone test is the most commonly used method there are 
other forms of linearity measurement. An example is the white noise 
test (3) in which white noise is injected into an SSB generator. The 
noise input is limited by the response of the sideband filter and follows
the filter characteristic if the generator distortion is small, 
figure 1.3. This signal when passed through an amplifier will produce 
a band of distortion products symmetrically about the filter skirts 
which falls away quite rapidly at frequencies beyond the filter band­
width. This form of test is not so frequently used because of the 
difficulty in providing a convenient and easily interpreted measure of 
distortion, unlike the two tone test where the third order product 
level may be specified.
1.3 Linear Amplifiers
Having recognised the requirement for linearity in an SSB system some 
aspects of linear power amplifier design will be discussed. Linear 
amplifiers operate in either class A, B or AB defined by their quiescent 
current and therefore their conduction angle.
Class A amplifiers are biased to operate in the middle of the linear 
region of their transfer characteristic and so conduct over the full 
360° of the input cycle. They are characterized by their good linearity 
and dynamic range. Since conduction occurs at all times, irrespective 
of the presence of a signal, this class of amplifier is necessarily 
very inefficient. Typical DC to RF conversion efficiencies will be 
less than 20%.
Class B amplifiers are biased to conduct for one half of the input 
cycle. Linearity is achieved because the output current is proportional 
to the amplitude of the input signal. They are more efficient than 
class A designs as conduction occurs over approximately half the period. 
Efficiencies in the region of 50% to 60% may be expected. Distortion
levels are generally greater than those of a class A amplifier. The 
primary reason for this increased distortion is the non-linearity of 
the active devices transfer characteristic in the turn-on region.
By forward biasing a class B amplifier just into conduction such that 
a small quiescent current flows, non-linearity problems in the turn-on 
region can be reduced. Class AB operation (as this condition is known) 
is capable of good linearity. Efficiency lies between that of class A 
and B types depending on the standing current but is typically about 
40% to 50% at full output.
An increase in efficiency implies a decrease in linearity. A trade-off 
between linearity and efficiency exists and this is the classic problem 
in linear amplifier design. Dissipation limits confine the use of 
class A biasing to lower power stages. This is feasible because the 
power requirements of these circuits are comparatively modest relative 
to these of the output stages. Higher power stages operate in class AB 
thereby achieving a reasonable compromise between efficiency and 
distortion.
1.4 Linear Amplifier Design Considerations
The most important requirement in linear amplifier design is that the 
transfer characteristic of the transistor is as linear as possible. At 
HF this is governed by the variation in current gain with collector 
current C5). Current gain tends to decrease at high collector currents 
with a consequent degradation in linearity. This is one reason why 
transistor linear amplifiers are operated at the highest possible 
collector voltage. For a given output power the peak collector current
10
will be lower and hence more power is available from the transistors 
to meet a specified distortion requirement.
Forward bias must be applied to a device if it is to operate with low 
distortion. This forward biasing creates problems and has resulted in 
the production of transistors specifically designed for linear applic­
ations. Some RF power transistors can suffer a long term deterioration 
of performance during linear operation, even though the dissipation is 
within the limit defined by the safe operating area curve. This 
performance degradation is caused by current crowding in the active 
areas of the transistor which results in a localised heating effect 
known as 'hotspotting' (6). In extreme cases catastrophic thermal 
runaway can occur due to the formation of these hotspots. This 
condition is known as second breakdown.
Susceptibility to hotspotting may be significantly reduced using emitter 
ballast resistors. Physically, emitter ballasting is the subdivision 
of the emitter into several sites. A nichrome resistor is added in 
series with each site, the ends of which are connected to a common 
point and brought out of the package as the emitter, figure 1.4. If 
one region attempts to draw excessive current it will be biased towards 
cut-off, allowing a redistribution of current to the other areas of 
the device.. Considered as a whole the ballast resistors are all in 
parallel and their combined resistance is very small, being a fraction 
of an ohm. Hence there is only a small increase in the saturation 
voltage and collector efficiency remains satisfactory. A further 
advantage of emitter ballasting is improved linearity (7) because of 
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Fig 1.5 Bias Compensûhon Circuit'
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Linearity of an amplifier depends on its class of operation and hence 
its bias point. Therefore the ability to maintain that bias point 
under varying conditions of drive and temperature is important. Too 
high a value will result in decreased efficiency and increased 
susceptibility to second breakdown. Too low a value compromises inter­
modulation performance. Accurate maintenance of bias point requires 
bias circuitry that must exhibit a minimal change in voltage for 
changes in RF drive, i.e. it should have a low output impedance. For 
a class AB amplifier this low impedance should be presented up to 
several times the highest modulating frequency. This becomes apparent 
whan considering the base current waveform under two tone conditions 
which approximates to a series of half sine waves. Such a signal has 
significant components extending to several times the difference in 
tone frequency.
Maintaining the bias point with variations in temperature is also a 
problem because of the negative temperature coefficient of the base- 
emitter turn-on voltage. For a constant collector current the turn-on 
voltage falls by approximately 2 mVj^C increase in temperature. If 
the bias voltage is held constant as the temperature rises within the 
transistor the collector current will rise, which further lowers the 
turn—on voltage. Thermal runaway will occur as a regenerative process 
that can rapidly destroy the device.
To maintain the quiescent current at a constant value irrespective of 
changes in temperature the bias voltage must track changes in the turn­
on voltage. Bias stability can readily be achieved in lower power 
class A stages by employing an emitter resistor in conjunction with a 
fixed bias voltage. The voltage developed across this resistor will 
oppose any change in standing current with temperature. Unfortunately,
13
such a simple bias scheme is not usually adopted for higher power stages. 
Both power output and efficiency will suffer because of the reduction 
in collector voltage swing, and unless the emitter resistor is 
adequately decoupled, reduced gain through negative feedback will result.
Thermal runaway is prevented in higher power amplifiers using a 
temperature sensitive element to control the bias voltage. As the 
required change in bias voltage is 2 mV/°C either silicon diodes or 
transistor junctions may be used as the sensing element as they must 
also exhibit the same change with temperature. For good thermal 
tracking the sensing element must be in close thermal contact with the 
RF devices. Consequently, many manufacturers incorporate a diode within 
the RF transistor package C7). Many bias circuits of varying complexity 
have been published, and figure 1.5 shows a simple circuit reproduced 
from C8}. The transistor acts as a low impedance current driver to 
supply the base drive and is controlled by the diode sensing element 
mounted against the RF devices. Standing current is set by adjustment 
of the variable resistor.
Typical class AB stages biased in this manner achieve intermodulation 
distortion figures of about -30 dB relative to the tones at full output. 
Reducing the output power results in improved intermodulation performance 
which is mainly due to the more constant current gain at lower collector 
currents. However, as the output power is further reduced intermodulation 
distortion will tend to rise. This is because a greater portion of the 
input signal amplitude excursion will occur over the non-linear turn-on 
region of the transistor. Figure 1.6 shows the levels of the third 
and fifth order products as a function of the output power of a typical 
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mance at low power the amplifier must be biased further towards class A 
operation with a consequent decrease in efficiency. At least one manu­
facturer has developed equipment that automatically selects a high or 
low standing current depending on signal level.
Choice of bias point and the ability to maintain it accurately under 
varying conditions of drive and temperature are the most critical 
Chut not the only) factors affecting linear power amplifier design. 
Linearity is also dependent on impedance matching of the input and 
output ports of the transistor. Input matching has a relatively small 
effect on intermodulation since power levels are low. This is not so 
with the output circuit. Inability to drive into a mismatched load 
can degrade linearity significantly. Low impedances presented by 
transistors can often present matching difficulties. The optimum 
collector load resistance, R^, of a transistor operating in class AB 
is given by:
1.3^SAT^\ 2 Po
where is the collector supply voltage 
VgAT the saturation voltage
is the PEP rating of the amplifier
As an example, for an output power of 50 watts PEP from a single-ended 
amplifier operating from a 12.5 volt rail with a saturation voltage of
1.5 volts the collector load is 1.20. Transformation of such a low 
impedance up to 500 with minimum loss can prove difficult as it is 
approaching the levels of the stray circuit reactances. This is a 
further reason for operating amplifiers at the highest possible collector 
voltage. For a collector voltage of 50 volts and the same output power 
the loadline is increased to about 220 which is more easily handled.
16
Low voltage high, power operation requires power supplies capable of 
delivering very high currents. Class AB amplifiers draw current 
proportional to the instantaneous value of the modulating signal, and 
if the collector supply voltage is not to fluctuate a very low output 
impedance is required. Most commercial transmitters employ a voltage 
regulator to supply the RF amplifiers. To achieve satisfactory 
stabilisation several volts may be dropped across the regulator, which 
makes them inefficient. The inefficiency of the regulator compounded 
with the low DC to RF conversion efficiency of the power amplifiers 
can result in very poor overall prime DC to RF efficiency.
This thesis is primarily concerned with linear HF systems, thus the 
following section describes the typical requirements thereof.
1.5 Requirements for HF Linear Transmitters
Due to the constantly changing propagation conditions at HF the trans­
mission frequency may have to be altered considerably from time to time 
to ensure reliable communication. For this reason HF transmitters are 
usually broadband designs capable of operation across the frequency 
range 1.6 MHz to 30 MHz. The majority of transmitters use transistor 
amplifiers for power levels up to about 1 kW. Impedance matching 
difficulties and the need for very high current power supplies has 
enabled valves to remain dominant in the final stage(s) of more powerful 
transmitters. Valves with their high load line impedances employ narrow 
band matching networks which are automatically tuned at any desired 
frequency (9). Broadband amplifier can, however, be made with valves 
using distributed amplification techniques (10). Transistors, having 
comparatively low input and output impedances are readily incorporated 
into broadband amplifiers. The ensuing discussion will deal with
17
transistorized equipment as it is the most common and because valve 
power amplifiers are usually driven from wideband solid state amplifiers.
A very commonly used broadband technique to provide an effective 
impedance transformation across the whole HF band is the transmission 
line transformer (11,12). In conventional transformers the primary and 
secondary are coupled via a magnetic core which helps to increase
the winding inductance. High frequency response is limited due to 
resonance between the high leakage inductance and inter-winding capac­
itance. Broadband transformers overcome this disadvantage by close 
coupling between primary and secondary such that the leakage inductance 
and inter-winding capacitance form part of a transmission line. Such 
transmission lines possess a characteristic impedance which is ideally 
adjusted to be the geometric mean of the terminating impedances for 
maximum power transfer and bandwidth. Twisted wire pairs are often 
used as transmission lines in which the characteristic impedance is 
determined by the number of twists in a given length of line, and the 
wire diameter.
High frequency response is limited by leakage inductance and winding 
capacitance and for best performance the line lengths are made as short 
as possible, preferably less than a fifth of a wavelength at the highest 
operating frequency. Low frequency response is governed by the require­
ment that the minimum reactance is greater than about three times the 
terminating impedance at the lowest operating frequency. To achieve 
the necessary reactance and avoid excessive line length, which would 
compromise HF performance, the windings are formed on high permeability 
ferrite cores. Magnetic coupling between primary and secondary is 
dominant at low frequencies but as the frequency rises the permeability
19
of the core decreases and mutual coupling within the transmission line 
takes over.
Ferrite cores should be selected such that the flux density remains 
within the linear region of the B-H, curve. If this condition is not 
met then the intermodulation performance of the amplifier can be 
degraded (13). In addition excessive flux density will result in 
unnecessary power loss thereby raising the temperature of the core.
Well designed transformers of this type can readily achieve five octave 
bandwidths with losses of a fraction of a dB. A relatively minor dis­
advantage is the limited number of impedance transformation ratios 
available, 4:1, 9:1 and 1:1 being the most commonly used ratios.
Broadband transformers by their very nature offer little attenuation 
to harmonic energy and a filter must follow the transmitter output to 
reduce these harmonics to an acceptable level. To minimise the filtering 
requirement higher power broadband HF amplifiers are almost universally 
of push-pull configuration in order to reduce even harmonic output.
Figure 1.7 is a circuit diagram of a typical HF broadband amplifier 
capable of delivering up to 100 watts PEP from a 28 volt supply. Bias 
circuitry is not shown. Each transistor delivers 50 watts PEP and for 
a saturation voltage of 3 volts the collector load required, using 
equation 1.3, is 6.25S1. Hence the collector to collector load is 12.50. 
The first half of transformer T3 provides a 1:4 impedance step up to 
produce a balanced 500 output. The second half of T3 (known as a balun) 
converts the balanced output to an unbalanced 500 suitable for feeding 
a coaxial line. Transformer T2 is designed to remove any amplitude or 
phase imbalance between the two collector waveforms. If these signals
19
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are perfectly matched In amplitude and phase T2 has no effect. Any 
imbalance will cause currents to flow in T2 such that the difference 
energy is decoupled via Cg and Cy to ground. In this manner improved 
balance is obtained between the two push-pull halves of the amplifier 
with a consequent reduction in even harmonic energy at the amplifier 
output.
At the input of the amplifier of figure 1.7 the base to base impedance 
of the transistors is transformed to approximately 500 by a 9:1 balanced 
to balanced transformer and a balun. The large emitter periphery of 
the transistors necessary for high current handling capability results 
in a very low real part of the input impedance that can change signif­
icantly with frequency. For example, reference 6 gives the series input 
impedance of the RCA 2N6093 transistor as 2.1 - jl.50 at 30 MHz. At 
low frequencies the real part of the input impedance rises due to the 
increased current gain raising the contribution from the emitter ballast 
resistance. The same transistor at 2 MHz has an input impedance of 
5.2 - j20. Thus matching of the input transformer to the base-to-base 
impedance of the transistors is often a compromise if no compensating 
elements are included. The input transformer would be designed for 
best matching at the high frequency end of the band, to obtain optimum 
power transfer where the gain of the amplifier is falling off. As the 
input match without compensation becomes progressively worse at lower 
frequencies power transfer efficiency is reduced and this forms a crude 
method of gain levelling.
Compensating networks are often introduced at the input of a power 
amplifier and serve two functions. Firstly to help improve the input 
matching and therefore provide the preceding driver stage with a good 
match at all frequencies. Secondly to compensate for frequency dependent
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gain variations in the amplifier. Without any form of compensation 
the gain of a braodband HF amplifier may vary by more than 10 dB from 
2 to 30 MHz and this is almost entirely due to the transistor. For 
this reason the transistors should have a high transition frequency (f^), 
well above the highest operating frequency, and a low input Q (defined 
as the ratio of the transistors input reactance to resistance). Thus 
gain variations across the band are reduced which eases the requirements 
of the gain levelling networks. The network comprising R^, R^, R^,
and in figure 1.7 is a typical arrangement for providing gain and 
impedance compensation.
The compromises made in matching the input and output ports of trans­
istors used in broadband amplifiers causes the efficiency of such 
amplifiers to be lower than a conjugately matched (tuned) amplifier 
of equivalent power. Heat dissipation can therefore be a problem.
Given suitable heatsinking the limitation on dissipation is determined 
by the package and its ability to conduct heat away from the chip. 
Currently available packaging imposes a dissipation limit of around 
300 watts. Dissipation difficulties and the use of transistors with a 
high f^ and therefore high current gain places increased demands on 
the stability of the bias supply if thermal runaway is to be avoided.
The chip may be at a much higher temperature than the heatsink, therefore 
transistors often have a bias compensating diode incorporated as part 
of the chip to ensure good thermal tracking.
Higher power capability results in lower input and output impedances. 
Difficulties in matching these impedances (which may be less than one 
ohm) and heat removal problems have limited the maximum power from a 
single push-pull pair to about 400 watts. Greater power levels are
22
achieved using hybrid splitters and combiners together with two or more 
identical final power amplifiers (14). Figure 1.8 is a zero degree 
hybrid which may be used as a power splitter or combiner. A signal fed 
into port 1 will produce two in-phase outputs at approximately half 
the input power from ports 2 and 3 which may be used to drive a pair 
of power amplifiers. A similar hybrid combiner at the output would 
then be used to sum the individual amplifier signals. Any imbalance 
between ports 2 and 3 due to amplitude or phase differences will result 
in power being dissipated in the balancing resistor. Hybrids of this 
type can usually provide an isolation between the split outputs of 
greater than 30 dB such that there is a minimum of interaction between 
the power amplifiers. This is particularly useful if one of the combined 
stages should fail or require servicing. The remaining amplifier(s) 
are still presented with a correct impedance match and so the trans­
mitter may continue to function albeit at reduced output power.
Broadband amplifiers are often required to feed aerials which offer a 
less than perfect match. The additional stress placed on a transistor 
as a result of a high standing wave ratio greatly increases the internal 
chip temperature. Hotspotting will occur and possibly avalanche break­
down. Consequently transistors must be very ruggedly designed. By 
sacrificing some gain it is possible to significantly improve the 
reliability under such conditions. This is achieved by the presence 
of the emitter ballast resistors.
Overstressing of transistors due to aerial mismatches is undesirable 
as it decreases the life expectancy of the devices. Most transmitters 
incorporate control and protection circuits to safeguard final power 
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derives two separate DC output voltages proportional to forward and 
reflected power. The forward voltage component is compared with a 
reference voltage in a comparator. The comparator output controls 
a variable gain element in the RF chain. An automatic level control 
loop is formed which ensures that the output is not overdriven. 
Protection against mismatch is obtained from the reverse voltage 
component. It may be used to close down the transmitter completely 
when the reflected power reaches a predetermined value. Alternatively, 
by combining a fraction of the reverse voltage with the forward voltage 
the transmitter may be made to reduce its output power automatically 
to a safe level when it is mismatched.
1.6 Conclusions
This chapter highlights some of the more important aspects of linear 
power amplifier design, practices and constraints with particular 
application to HF systems. The principal difficulty is one of obtaining 
low intermodulation distortion ratios whilst still achieving respectable 
DC to RF conversion efficiency. Low power amplifier stages usually 
operate in class A to achieve good linearity, whilst the high power 
stages operate in class AB to improve efficiency.
The intermodulation performance and efficiency of an amplifier are 
determined by the bias, therefore the choice of bias point and bias 
stability are critical. Bias stability is more complicated in high 
power RF amplifiers as the usual methods of stabilization (e.g. the use 
of voltages developed across emitter resistors) cannot generally be 
used because an unacceptable loss of output power, gain and efficiency 
would result. The emitters are normally directly grounded and the bias
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is obtained from a separate temperature compensated source.
At HF wideband amplifiers are generally used which should have reasonably 
flat gain over the frequency range of interest, in addition to low 
distortion and good DC to RF conversion efficiency. Transmission line 
transformers are often used to provide broadband matching and the 
compromises made in matching cause the efficiency of such amplifiers 
to be lower than a conjugately matched amplifier of equivalent power. 
Broadband amplifiers operating in class AB typically achieve an overall 
efficiency in the region of 40% at full output power with third order 
intermodulation products which are seldom greater than 40 dB below PEP,
The majority of transmitters supply the RF amplifiers with a stabilized 
DC voltage and the inefficiency of the voltage regulators compounded 
with that of the RF amplifiers may result in very low prime DC to RF 
conversion efficiency. Many attempts have been made to improve the 
linearity and efficiency of SSB transmitters and some of the possible 
techniques are described in the following chapter.
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CHAPTER 2
TECHNIQUES FOR IMPROVING LINEARITY AND EFFICIENCY
Summary
This chapter outlines some of the proposed methods of improving the 
linearity and efficiency of linear amplifiers and systems which may be 
applied to HF transmitters
2.1 Negative Feedback.
The most well known and widely adopted method of improving the linearity 
of a system is negative feedback. Since its discovery by Black Cl) it 
has been used almost universally and its properties are well known.
The output of an amplifier will contain noise and distortion components 
introduced by the amplification process. Negative feedback modifies 
the properties of an amplifier in such a manner as to reduce these 
deficiencies. This is achieved by subtracting a fraction of the 
amplifiers output from the external input. The resulting difference 
signal then forms the input to the amplifier.
Figure 2.1 represents a negative feedback system. The notation is 
similar to that used by Black, where :
e - signal input voltage
A - gain of the amplifier without feedback
n - noise output voltage without feedback
dCE) - distortion output voltage without feedback 
6 - transmission factor of the feedback circuit
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E - signal output voltage with feedback
N - noise output voltage with feedback
D - distortion output voltage with feedback
The output voltage with feedback is E + N + D and is the sum of 
Ae + n + d(E), the value without feedback plus AB(E + N + D) due to 
feedback. Thus :
E + N  + D = A e + n  + dCE) + AS(E + N + D) 2.1
Rearranging
(E + N + D)C1 - ASi = Ae + n + d(E) 2.2
Therefore
Hence the effective amplifier gain, and noise and distortion generated 
by the amplifier are reduced by the factor (1 - A3). If |AB| >> 1 
then the voltage gain of the amplifier with feedback (E/e) is approx­
imately -1/g, independent of the amplifier gain. If 3 is composed of 
a purely resistive network then the amplifier gain with feedback is 
constant and independent of frequency. In practice |A3| falls with 
increasing frequency and the condition |A3| >> 1 cannot be maintained. 
Therefore, the closed loop gain will eventually begin to reduce at high 
frequencies, however the amplifier bandwidth with negative feedback is 
always greater than that without feedback.
The primary benefits of negative feedback described above may be used 
to advantage in RF power amplifiers. For example, intermoduation 
distortion and noise generated by an amplifier will be reduced by a 
factor 20 log (1 - A3) decibels compared to the levels without feedback
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and gain variations with frequency will similarly be reduced. Bruene (2) 
described the application of RF negative feedback around two and three 
stage tuned valve amplifiers. Feedback was widely used during the valve 
era when high invididual stage gains were available. The availability 
of such large gains made it practicable to apply more than 10 dB of 
feedback to enhance linearity and yet still achieve high overall gain.
A limiting factor in applying feedback was the additional phase shift 
introduced by the amplifier tuning circuits which reduced the stability 
margins of the feedback loop. If too much feedback were applied 
oscillation could occur under certain tuning conditions.
Transistor amplifiers also benefit from negative feedback which is 
especially useful for reducing gain and input impedance variations in 
wideband amplifiers. The design of gain compensating circuitry that 
is often present at the input of wideband amplifiers is then greatly 
simplified. In order to further minimise these gain variations broad­
band HF amplifiers employ transistors with a high transition frequency 
(f^), usually about ten times greater than the highest operating 
frequency. Therefore care must be taken when applying RF feedback 
because phase shifts associated with the device itself and other circuit 
elements may result in positive feedback. This could result in 
potentially destructive oscillations at frequencies well above the 
operating band. For this reason RF feedback is usually employed around 
single stages in the form of a resistor between the collector and base 
of the transistor. About 4—5 dB of feedback would typically be used, 
any further increase would result in an unacceptable loss of gain and 
increase the possibility of instability (3).
RF negative feedback is simple to apply to power amplifiers and once 
incorporated never requires adjustment, but as only a small amount may 
be deployed the benefits are relatively modest. For more significant
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reductions in intermodulation distortion other generally more complex 
methods must be used.
2.2 VMOS Field Effect Transistors
Negative feedback is a useful means of reducing the intermodulation 
distortion from an amplifier, although only a few decibels may be used 
before either an unacceptable gain loss or instability occurs. In a 
well designed and correctly operated amplifier distortion arises primarily 
from the active devices. Improved performance should be possible if a 
device could be fabricated capable of operating at high power and 
exhibiting very linear transfer characteristics. In recent years a new 
type of field effect transistor (FET) has become available which 
partially meets this requirement. This device is known as a vertical 
metal oxide semiconductor power FET and is given the acronym VMOS (4,5).
It is termed a vertical FET because current flows vertically through 
the device from source to drain. The development of VMOS FETs arose 
from the inherent limitations in the power handling capability of 
conventional MOSFETs due to their planar structure (6). This planar 
structure, produced by a photolithographic process, requires current 
to flow horizontally through an induced channel controlled by an over­
laid metal gate, figure 2.2. Current density is limited by the length 
of the channel and the large metallization runs necessary to remove 
the drain current. Higher current densities require devices with larger 
geometries which consequently have poor high frequency performance and 
relatively low yield. Therefore, the majority of MOSFETs are low power 
devices. The VMOS structure, figure 2,3, formed by a diffusion process 
can overcome these disadvantages.
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A V-shaped groove is preferentially etched into the four layer diffused 
structure such that when covered with a layer of silicon dioxide and 
metallized it forms a gate finger. Several of these fingers exist in 
each chip. Each V-groove creates two channels thereby doubling the 
current handling capability of every gate finger. The carefully 
controlled diffusion process enables very short gate lengths to be 
produced for good high frequency performance and further increases the 
current density. Collection of drain current from the underside of the 
chip avoids additional metallization runs on the surface which reduces 
both the area and the parasitic capacitance of the device. In this 
manner the finely controlled VMOS structure is able to achieve high current 
densities at very high radio frequencies. Transition frequencies of 
several hundred Megahertz are typical at power levels of over 100 Watts.
The DC transfer characteristic of a medium powered VMOS device is shown 
in figure 2.4. VMOS are N-channel enhancement mode MOSFETs which means 
that a positive gate-source voltage will turn on the device. In the 
turn-on region the drain current is proportional to the square of the 
gate-source voltage. Above a certain drain current any further increase 
in voltage will result in a linear increase in drain current due to 
velocity saturation of the electrons in the narrow channel. The linear 
characteristics of the VMOS devices above the turn-on region result in 
higher order intermodulation products which are between five and ten 
decibels below those of bipolar transistors C4).
VMOS devices in common with other FETs are majority carrier devices and 
unlike bipolar transistors are not susceptible to thermal runaway, 
hotspots or second breakdown. Any tendency for these effects to occur 
is opposed by a reduction in the electron mobility and hence drain 
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no longer necessary. Furthermore, the DC input resistance is so high 
that virtually no current is drawn from the bias supply, which may be 
satisfied by a simple potential divider arrangement.
The protective effect exhibited by FETs is particularly useful in RF 
amplifiers. Devices may be operated in parallel without any current 
sharing problems. Similarly^these FETs will be immune from breakdown 
should hotspots develop due to a high SWR (provided operation is 
within the safe operating area curve). Thus, once in circuit, VMOS 
devices are generally more rugged than unprotected bipolar transistors.
VMOS devices also have some disadvantages, the most important being 
their higher saturation voltage compared with conventional bipolar 
power transistors, the saturation voltage being determined by the drain- 
source ON resistance of the semiconductor material. Consequently, 
ançlifiers using VMOS FETs generally have an efficiency slightly lower 
than that of amplifiers employing bipolar transistors. A second 
disadvantage of VMOS devices is their high input capacitance. The 
input impedance of a Siliconix DV1008, a 100 Watt device is 2-j300 
at a frequency of 30 MHz when operating in class A. A comparable 
bipolar transistor would have a similar real part but a much lower 
imaginary part. Therefore, if broadband transformers are used to feed 
a VMOS FET operating without feedback, the preceding stage must be able 
to drive a largely reactive load.
Several broadband power amplifier designs have been published that 
employ Siliconix VMOS devices (7,8,9). In each case they are specified 
to operate over the linear region of their transfer characteristic 
with a drain current of at least 0.6A per device which is very inefficient. 
A power amplifier similar to that described by Frey (7) has been built
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and evaluated under a variety of bias conditions. The circuit shown 
in figure 2.5 is particularly simple and employs a pair of Siliconix 
VMP4 FETs. Frey incorporated negative feedback to stabilize the gain 
and input impedance which used a combination of source and gate-drain 
resistors. In the circuit of figure 2.5 the source resistance has been 
removed so as to obtain maximum output power.
Figure 2.6 shows the results obtained at 20 MHz operating in class AB 
with a standing current of O.IA per device. Both the efficiency and 
intermodulation levels are reasonable for a broadband amplifier at HF, 
although there is no significant improvement in performance over that 
expected from a similar bipolar amplifier. This was confirmed by the 
many measurements taken irrespective of bias conditions.
Although the performance is little different from a bipolar device the 
inherent advantages of VMOS such as simple bias schemes, immunity from 
second breakdown and insensitivity to SIVR are so useful that they are 
almost certain to become established as a parallel but not a replacement 
technology for bipolar transistors.
2.3 Envelope Feedback
The first practical envelope feedback system was developed by Terman 
and Buss (.10) , which was a radio frequency equivalent of the "balanced 
feedback amplifier" proposed by Ginzton (11). Figure 2.7 shows the 
basic form of the system proposed by Terman. A sample of the modulation 
envelope is obtained from the amplifier output using a linear detector 
and compared with a similar sample obtained from the input. When the 
two samples are equal in amplitude, the difference signal consists of 
components due to the noise and distortion products introduced by the
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amplifier. Provided the detector diodes are identical and they are 
driven at the same level any distortion introduced by the diodes will 
cancel at the balance point and will therefore not appear at the 
amplifier output.
The difference voltage is then amplified and used to remodulate the 
RF signal with such polarity as to cancel the original noise and 
distortion components appearing at the amplifier output. Unwanted 
components are reduced by a factor 1/(1 - Ak3), where A is the voltage 
gain of the linear amplifier, B is the transmission factor of the 
feedback circuit and k is the transfer function of the circuit following 
the balance point.
Envelope feedback was originally conceived as a method of improving the 
linearity of transmitters intended for AM service but Bruene has used 
this technique on SSB transmitters with some success (2). Unlike AM, 
the detected signal is no longer the original modulation but a signal 
of considerably wider bandwidth. In the two equal tone case it is 
equivalent to a sinusoid that has undergone full wave rectification.
4l
Such a signal has frequency components extending to infinity although 
in practice only the first few are significant for reducing distortion 
in a circuit such as this. Therefore, the envelope feedback circuit 
should have a bandwidth extending to several times the tone difference 
frequency. Stability is governed by the usual gain and phase margin 
considerations and care must be taken to ensure the desired loop 
bandwidth is achieved without the danger of oscillation. This is not 
always possible with valve circuits as the additional phase shift 
introduced by the tuned circuits will degrade stability margins.
In the past RF feedback systems were preferred to the more complex 
envelope feedback circuit because RF feedback was simple to implement 
and did not require adjustment. Furthermore, the high available gain 
from valves made it possible to significantly reduce distortion whilst 
still obtaining satisfactory overall gain. However, with the intro­
duction of transistors, integrated circuits and generally smaller and 
cheaper components, envelope feedback has been recognised as an 
attractive method of providing feedback around power amplifiers.
Arthanayake and Wood (12) produced a UHF design to demonstrate pulse 
linearity. More recently Brounley (13) produced a 1 kW linear VHF 
amplifier employing envelope feedback which was designed for AM service. 
The basic arrangement of these configurations is shown in figure 2.8, 
and it is little different from that of figure 2.7. In this case, 
however, the detected input and output signals are differenced and 
amplified in a high gain differential amplifier. The output of the 
differential amplifier is DC coupled to an RF amplifier in which the 
gain is capable of adjustment from an external controlling input.
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Considering figure 2.8, where
is the input modulating signal 
is the gain controlling error signal 
Vg is the RF input to the gain controlled stage 
is the envelope voltage of the output signal 
G is the nominal gain of the gain controlled stage 
A is the differential amplifier gain 
L is the total attenuation from the output of the RF
amplifier to the input of the differential amplifier 
K is dC/dV^, the change in the modulated stage gain for 
a given change in
The envelope voltage of the output signal is given by
V = V (G + KV ) o g e 2.4
and
V = ACV. - LV ) e 1 o 2.5
Therefore,




V KAV. g 1
1 + V KAL 1 + V KAL 2.7
if the loop gain, KAL »  G then,
V.
’o ' ÎT 2.8
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By choosing a high loop gain the RF output voltage is effectively a 
linear function of the controlling input, V^. The amount of loop gain 
and therefore feedback that can be applied depends on the circuit 
configuration. At HF it will be seen in subsequent chapters that more 
than 60 dB of feedback may be deployed whilst still maintaining adequate 
stability margins. This is possible since the bandwidth of the envelope 
feedback loop is much smaller than that of the RF amplifiers. In these 
circumstances the excess phase contribution to the feedback loop from 
the RF amplifiers is small. A significant advantage of this circuit 
over earlier circuits like Termans is its DC coupling. This enables 
the output voltage (and power) to be maintained constant despite 
moderate variations in loop gain and RF amplifier gain as is evident 
from equation 2,8. Hence, the amplitude balance between the detector 
diodes will be similarly maintained. Noise, distortion and sensitivity 
to factors affecting the amplifier gain such as supply voltage and 
tuning variations will all be reduced by the amount of applied feedback.
The controlling input voltage, V^, to the loop of figure 2.8 may be 
obtained from a detector diode connected to the input of the RF amplifier, 
Such an arrangement could be used to form a simple 'add on' power 
amplifier of high amplitude linearity that may be used to increase the 
power capability of an existing transmitter (13). Alternatively, 
because it is the envelope of the RF signal, not the RF signal itself 
that controls the amplifier, detection of the input signal may take 
place at an earlier stage or at a different frequency. Thus amplitude 
distortion from the preceding amplifiers and mixers which would other­
wise appear in the output may be reduced by detecting the input signal 
to the feedback loop prior to these sources of non-linearity. If 
desired, modulation may be applied directly to the input of the
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differential amplifier and a constant carrier signal used to drive the 
gain controlled amplifier thereby forming a particularly simple AM 
transmitter (14). An additional advantage of this configuration is 
that the output signal is also independent of variations in RF input 
voltage, Vg.
Envelope feedback is simple and effective but the intermodulation 
performance of thé amplifier(s) about which it is applied is limited 
by the following factors: firstly, the non-linearity of the detector
diodes; in practice it is difficult to obtain diodes of identical 
characteristics. Even when the diodes are operating with equal signal 
levels the very high degree of linearity demanded by an SSB system 
would probably not be realized although these difficulties may be reduced 
using improved envelope demodulators. The second limitation of this 
type of circuit depends on the contribution to the overall inter­
modulation levels from the combined effects of amplitude and phase 
distortion. If phase distortion is dominant in determining the final 
intermodulation levels envelope feedback will have comparatively little 
effect. Such a case is demonstrated in Appendix H of this thesis. 
Despite these limitations the previously described advantages of the 
envelope feedback technique make this type of circuit worthy of adoption 
in a number of RF applications.
2.4 Feedforward Systems
Both radio frequency and envelope negative feedback are useful techniques 
for improving the linearity of radio transmitters. A major consideration 
when applying feedback is that of stability. Time delays associated 
with amplifiers or other circuit elements, if not accounted for in the 
design, will introduce additional phase shifts which disturb the expected
phase relationship between input 
and output. Stability margins will be reduced and in extreme cases 
oscillation may occur. A technique which enables linearity to be 
improved yet does not suffer the stability constraints of feedback is 
feedforward.
The concept of feedforward was introduced by H.S. Black three years 
prior to his discovery of negative feedback (15). A feedforward system 
utilises two amplifiers, a main amplifier and an error amplifier.
The output of the main amplifier is attenuated and compared with the 
input signal to that amplifier. The resultant difference signal 
containing noise and distortion introduced by the main amplifier is 
then amplified by the error amplifier and added in antiphase to the 
original output. Therefore under ideal conditions the output of a 
feedforward system is distortionless. All the signals are fedforward, 
there is no negative feedback, and if the amplifiers are stabla oscillation 
cannot occur. Thus a feedforward system is inherently stable.
Little interest had been shown in this method until fairly recently 
when work by Seidel et al (16) prompted its close-investigation by 
others (17,18,19).
A block diagram of a basic feedforward system is shown in figure 2.9.
A1 is the main power amplifier and A2 the error amplifier. C1-C4 are 
directional couplers and D1 and D2 are delay elements to compensate for 
the group delay of the two amplifiers.
The input signal is amplified by Al. The output of A1 contains the 
amplified signal plus unwanted noise and distortion generated by the 
amplification process. This output is sampled by coupler C2.
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equal in amplitude and opposite in phase to the original input signal.
To ensure exact subtraction the delay element D1 must match the delay 
through Al. If amplitude and phase balance are maintained the signal 
amplified by A2 will only consist of noise and distortion products 
due to Al. The gain of A2 is controlled such that the unwanted 
components from the main amplifier output cancel at C4 to leave a resultant 
signal free from noise or distortion. Thus the feedforward technique, 
to be effective, relies heavily on cancellation at couplers C3 and C4. 
Imbalance at C3 will require the error amplifier to handle wanted signal 
power in addition to distortion and noise; imbalance at C4 will determine 
the degree of distortion correction.
In practice it is difficult to maintain exact balance at C3 because 
the gain and group delay of high power broadband amplifiers usually 
exhibit some degree of dependence on frequency. The effect on the 
overall feedforward system as a function of variations in main and 
error amplifier gains has been calculated in (18) and figure 2.10 shows 
the result. If the main amplifier gain remains constant the overall 
feedforward system gain is also constant. Provided exact cancellation 
occurs at C3 the error amplifier handles no power except noise and 
distortion which is assumed to be well below the main amplifier power.
If the error amplifier shows no gain variation (see figure 2.10) the 
overall feedforward gain remains constant irrespective of gain variations 
in the main amplifier. However, care must be taken to ensure that 
additional distortion is not generated by the inability of the error 
amplifier to supply the extra power demanded. Variations in the 
feedforward system gain will occur when there is a change in both the 
main and error amplifier gains although the sensitivity to these changes 
is greatly reduced.
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The reduced sensitivity of the overall system to variations in amplifier 
gains is a useful feature of the feedforward method. Gain variations 
in Al cause an imbalance at C3 and exact cancellation of the two signals 
no longer occurs. The error amplifier is then required to handle 
wanted signal power in addition to noise and distortion. Furthermore, 
the error amplifier gain and power capability must be sufficient to 
overcome the loss in coupler C4. The necessary power handling capability 
of the error amplifier due to changes in gain and phase shift within 
the main amplifier is readily calculated using the cosine rule. This 
has been evaluated by Bennett and Clements (17) and typical curves are 
shown in figure 2.11. As an example, Bennett and Clements designed a 
feedforward system using two identical thirty watt broadband high 
frequency power amplifiers. They achieved a gain variation from 3 to 
30 MHz of only 1 dB with a peak phase error from linear phase of 10° 
over the majority of the band. Thus, from figure 2.11 it may be seen 
that the error amplifier power is 14 dB below that of the main amplifier. 
To this figure must be added the losses in coupler C4 - in their case 
12 dB - resulting in an error power requirement of only 2 dB (30%) below 
that of the main amplifier. Clearly, in order to minimise error 
amplifier power, close control must be kept over the main amplifier 
gain and phase response if the delay lines and attenuator are not to 
require frequent adjustment.
The reduction in main amplifier noise and distortion of a feedforward 
system is equal to the degree of cancellation obtained at the output 
coupler C4. This has been determined (18) as a function of the amplitude 
and phase difference between the cancelling signals at C4. The degree 
of distortion cancellation, C, is given by
^9
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c = I \ “ cos 0 ^ + sin^ 6 2.9
where
is the amplitude of the cancelling signal at C4
is the amplitude of the main amplifier signal at C4 
cos 9 is the phase difference between and V2 in degrees
A plot of the distortion cancellation in decibels as a function of 
V^/Vg (for positive) and the phase difference is shown in
figure 2.12.
It may be seen from figure 2.12 that in order to obtain a distortion 
reduction of 20 dB it is necessary to maintain the amplitude balance 
between the main amplifier output and error amplifier loop to under
0.8 dB and the phaae difference to less than 5.7°. This would be 
difficult to achieve in a practical broadband system when the operating 
frequency was changed.
Considering again the amplifiers used by Bennett and Clements, sub­
stitution of a 1 dB gain variation and a nominal 10° phase variation 
from linear phase into equation 2.9 gives a theoretical distortion 
reduction of 14 dB. This is certainly a worthwhile improvement in 
linearity and their practical results indicate that this improvement 
could be achieved over a third of the operating frequency range centred 
about 15 MHz where the gain and phase had been equalized. Outside this 
range intermodulation distortion rose as a result of poorer cancellation, 
increasing at the band edges to that of the main amplifier without 
feedforward.
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A final consideration is that of the noise performance of a feedforward 
system. If cancellation at C4 is maintained noise generated by the main 
amplifier is cancelled and therefore the system noise is determined by 
the error amplifier. The overall noise figure is given by the noise 
figure of the error amplifier plus any attenuation between this 
amplifier and the input. Thus, in figure 2.9, the input signal feeds 
the error amplifier directly at the expense of an increase in the main 
amplifier gain requirement. Providing cancellation is maintained at 
coupler C3 the error amplifier may be designed with a power handling 
capability much smaller than that of the main amplifier. In this case 
the noise figure of the feedforward system will be approximately equal 
to that of the error amplifier which being of low power will possess 
a low noise figure. Unfortunately, in practice it is unlikely that 
a high power wideband amplifier used as a main amplifier will be able 
to maintain its gain and phase characteristics sufficiently accurately 
for the above condition to be met. Therefore, the error amplifier 
would generally be required to have a power capability and hence a 
noise figure similar to that of the main amplifier.
From the above results it may be seen that improvements of performance 
may be obtained by using the feedforward technique as opposed to a 
single linear amplifier. In order to realize these improvements it is 
necessary to employ amplifiers with almost flat gain and linear phase 
characteristics over the frequency range of interest. These conditions 
can usually be met for wideband relatively low power repeater type 
amplifiers as described in reference (18). It is considered that for 
broadband high frequency power amplifiers the requirements necessary 
to obtain a significant improvement in performance are too stringent.
The additional costs incurred would be prohibitive and difficult to 
justify in high powered systems.
2.5 The Envelope Elimination and Restoration Technique 
A general expression for an amplitude modulated wave, rCtl, may be 
written as
rCt) = ACt) cosCw^t + ^Ct)) 2.10
where A(t) represents: the instantaneous amplitude and ^(t) the instant­
aneous phase of r(t). These components - the polar coordinates of the 
modulated RF signal - are represented vectorially in figure 2.13 for a 
two tone SSB signal of the form
cos w^t + E2 cos o)2 t 2.11
A form of transmitter first proposed by Kahn (20,21), known as an 
envelope elimination and restoration (EER) transmitter, resolves the 
modulated RF input signal into its polar coordinates, amplifies each 
component separately and recombines the components in a high power RF 
amplifier. In the absence of any degrading mechanisms the output of 
the transmitter will be a high power replica of the modulated RF input 
signal.
A basic block diagram of an SSB EER transmitter is sho^m in figure 2.14. 
A low level SSB signal generated by a convenient method is resolved into 
its polar coordinates: the amplitude modulating component is obtained
by envelope detecting the SSB signal and the phase modulated component 
by limiting the SSB signal to remove the amplitude information, thereby 
producing an Output of constant amplitude. Each of the two signals are 
separately amplified and the SSB signal is reconstituted by modulating 
the phase component by the amplitude component in an RF amplifier that 
is capable of being amplitude modulated.
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As the phase component is of constant amplitude it may be amplified using 
very efficient class C amplifiers whilst the amplitude component could 
he amplified by a modulator operating in class D (22). If the efficiency 
of the class C amplifier is 70% and that of the class D modulator is 
90%, then the combined efficiency of the amplifier and modulator would 
be 63%, which is greater than that generally achieved from linear 
amplifiers.
The bandwidths of the phase and amplitude spectra are considerably wider 
than that of the modulating signal, as described in appendix A. For 
two tone modulation the phase component may be considered as equivalent 
to a DSB suppressed carrier signal modulated by a square wave, &(t}, 
with a repetition frequency equal to half that of the difference frequency, 
ü)̂ , of the two tones. Thus
, « f_T\n+l 10, t
<i)(t) = - j; V 'T  cos (2n - 1) —  2.12
n=l
Under the same conditions, the amplitude component, A(t), is equivalent 
to a full wave rectified signal defined by the expression
2.13A W  = “  I C-l)°
L n=l 4n - 1 J
where E is the amplitude of each tone.
The resultant SSB output spectrum from the transmitter is determined by 
the convolution of the phase and amplitude components if there are no 
other sources of spurious emission. Several sources of spurious 
emission do, however, occur and the principal causes are described below.
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1. Limited bandwidths of the KF and modulator circuits
The limited bandwidths of the modulator and RF circuits cause the 
individual frequency components of the polar coordinate signals to be 
attenuated and phase shifted and the amplitude of the resultant spurious 
frequency components produced following the convolving of the phase and 
amplitude spectra have been determined by computer simulation for the 
two tone case. A second order filtering characteristic with a damping 
of unity and a 3 dB bandwidth of 500 kHs and 6 kHz respectively was 
used to represent the limited bandwidth of the RF tuned circuits and 
the modulator. 1000 phase and amplitude frequency components were 
used in the simulation and the results for a tone separation of 1 kHz 
are shown in figure 2.15. It may be seen that the spurious products 
are initially only 45 dB below the tones.
The low modulator bandwidth was chosen to illustrate a limitation in 
Kahn's ealier transmitters where existing AM transmitters were modified 
for SSB service but the original narrow bandwidth modulator was retained. 
By widening the bandwidth of the modulator, the amplitude of the spurious 
frequency products may be lowered considerably. For example, increasing 
the modulator bandwidth to 200 kHz results in spurious products which 
remain virtually constant at approximately 110 dB below the tones before 
decreasing above 200 kHz.
2. Non-linearity of the modulated RF amplifier
The large amplitude modulating voltage will cause variations in the 
inter-electrode capacitances of the devices used in the modulated RF 
amplifier which in turn causes incidental phase modulation. Furthermore, 
any non-linearity of the amplitude modulation characteristic will also 
contribute additional distortion to the output spectrum. The amplitude
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modulation characteristics of the collector modulated amplifiers used 
in more recent EER transmitters C23) are reasonably linear except at 
low collector voltages where the characteristic changes abruptly due 
to leakage of the phase component across the modulated amplifier.
3. Leakage to the output of the phase modulated carrier 
As the amplitude modulating voltage approaches zero the output of the 
transmitter should also approach zero, although in practice a fraction 
of the phase component signal will leak across the modulated amplifier 
and be radiated. For collector modulated amplifiers the amplitude of 
the leakage signal may be typically 30 dB below the wanted output and 
be the limiting factor in determining the transmitter output spectrum, 
as, under two tone conditions, the individual frequency products of the 
phase component spectrum decrease at a rate of only 6 dB/octave 
(equation 2.12).
A simple fixed frequency EER transmitter operating at 10.7 MHz was 
constructed in order to determine the linearity that may be achieved 
at HF. The final stage RF amplifier consisted of a push-pull pair 
of VMOS FETs operating in class C which were drain modulated by a wide­
band class B modulator.
The two tone SSB output signal at full output power C9W PEP) and the 
corresponding drain modulating voltage are shown in figure 2.16. The 
SSB waveform appears to be satisfactory although the output spectrum of 
the transmitter, shown in figure 2.17, is poor with third order 
components only 22 dB below the tones. Measurement of the amplitude 
modulation characteristic of the VMOS amplifier, figure 2.18, shows it 
to be very linear and therefore little amplitude distortion is introduced 
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the phase component leakage is 38 dB. helow the wanted output, and using 
equation 3.9 the amplitude of the spurii caused by leakage may he 
estimated. For an isolation of 38 dB the spurious components corres­
ponding to the third order products are 45 dB below the tones and higher 
order products decrease at a rate of 6 dBjoctave. Phase component 
leakage is therefore not the dominant mechanism in determining the 
transmitter output spectrum.
The primary cause of unwanted spurious radiation was found to be incidental 
phase modulation produced by the modulated amplifier and this was confirmed 
by reducing the contribution to the output spectrum from other sources 
of spurious radiation. By modulating the transmitter with tones of 
unequal amplitude the SSB signal does not go to zero and therefore spurious 
radiation due to phase component leakage is avoided; additionally, the 
amplitude of the individual phase and amplitude products are considerably 
lower than in the equal tone case (see appendix A and section 3.5) and 
the low level spurious emissions due to the limited bandwidth of the RF 
and modulator circuits are further reduced. The output spectrum of the 
transmitter with tones differing in amplitude by 3 dB is shown in 
figure 2.19 from which it may be seen that significant levels of spurious 
radiation are present. As the amplitude modulation characteristic of 
figure 2.18 is very linear, then incidental phase modulation must be 
the dominant source of spurious radiation from the transmitter.
From the foregoing discussion it may be concluded that the EER type 
transmitter offers a potentially more efficient means of producing a 
high level SSB signal than a conventional linear amplifier arrangement, 
although a corresponding improvement in the output spectrum is unlikely 
to be obtained because of the high level of spurious radiation that may 
occur due to phase component leakage and non-linearities of the
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modulated amplifier. If, however, these sources of spurious radiation 
could he reduced the EER approach could become an attractive alternative 
to the use of cascaded linear power amplifiers.
2.6 Conclusions
From the preceding sections it is concluded that RF negative feedback 
may be used to improve linearity, but whilst attractive because of its 
simplicity, it only enables a few decibels of feedback to be applied 
before either instability or an unacceptable loss of gain occurs.
Better linearity could be obtained by using improved active devices, 
although VMOS power FETs have been shown to offer no significant 
increase in linearity compared to amplifiers using bipolar transistors.
In order to obtain significant improvements in linearity more sophisticated 
techniques must be used such as envelope feedback and the feedforward 
method. Envelope feedback has a number of advantages although any 
improvement in amplitude linearity may go unnoticed if the distortion 
produced by incidental phase modulation is large. The feedforward 
technique can reduce distortion caused by both phase and amplitude 
non-linearities without instability problems but it suffers two major 
disadvantages in that a second power amplifier and very careful balancing 
between the main and error paths are required.
The EER technique offers potential improvements in efficiency but the 
linearity is generally no better than that obtainable from existing 
conventional transmitter due to imperfections in the modulated RF 
amplifier. However, this type of transmitter forms the basis of the 
’Polar-Loop Transmitter' which is able to achieve high efficiency 
whilst overcoming the limitations of previous designs by employing a
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large amount of phase and envelope feedback over a narrow bandwidth to 
ensure good linearity without causing instability. The application of 
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CHAPTER 3
AN INTRODUCTION TO POLAR-LOOP TRANSMITTERS
Summary
This chapter provides an introduction to the Polar-Loop Transmitter.
The main properties of this type of transmitter and factors which degrade 
the output spectrum are described and results from a simple fixed 
frequency Polar-Loop Transmitter are presented.
3.1 Introduction
In the previous chapter RF negative feedback was discussed and shown 
to be beneficial in reducing intermodulation distortion. Unfortunately 
the potential benefits of feedback are reduced in practice as only a 
few decibels may be applied to RF amplifiers before there is either an 
Unacceptable loss of gain, or instability occurs due to excessive loop 
phase shift. SSB signals consume only a small fraction of the available 
amplifier bandwidth yet feedback operates over the whole bandwidth 
which is unnecessary. Therefore, if a feedback system were formed with 
a much narrower bandwidth than that of the RF amplifier the effect on 
stability of.this system due to the high frequency poles of the amplifier 
would be minimal and hence more feedback could be deployed.
A general expression for an amplitude modulated wave, rCt), can be 
written as
rCt) = ACt) cos (w^t + 4>Ct)) 3.1
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where ACt) represents the instantaneous amplitude and ÿCtl the instant­
aneous phase of rCtl. These components are functions of the modulating
signal and have a much lower frequency than the RF signal. By arranging
feedback in these components - the polar co-ordinates of the signal - 
it is possible to apply a large amount of feedback whilst still 
maintaining stable operation. This is the principle behind the operation 
of the "Polar-Loop Transmitter" first proposed by Petrovic Cl,2).
Two basic forms of the transmitter exist. When this technique is applied 
to envelope elimination and restoration transmitters (described in 
chapter 2) the resulting arrangement is known as a Type 1 Polar-Loop 
Transmitter; application to a conventional exciter-linear amplifier 
transmitter results in a Type 2 Polar-Loop Transmitter. This thesis is 
primarily concerned with Type 1 high frequency SSB transmitters although 
some preliminary results obtained from a Type 2 transmitter are described 
in Appendix H. Subsequent descriptions in this and future chapters will 
assume a Type 1 transmitter except where specified.
3.2 The Type 1 Polar-Loop Transmitter
A block diagram of the most basic practical form of a Type 1 transmitter 
is shown in figure 3.1. The RF part of the transmitter consists of a 
voltage controlled oscillator CVCO) driving one or more amplifying stages, 
with one of these stages capable of being amplitude modulated. As the 
output of the VCO is of constant amplitude, the following amplifiers 
may be operated in class C for high efficiency. Class C amplifier may 
also be used for the modulated RF stage and for any subsequent amplifiers 
because the large amount of feedback employed greatly reduces the 
















A small fraction of th.e transmitter output is sampled, fed hack and 
converted to an intermediate frequency (IF). This signal is then 
resolved into polar coordinate form: the phase component is obtained 
by removing all the amplitude information, that is by limiting; the 
amplitude component is conveniently obtained by synchronously demodulating 
the rP signal with the phase component. A low level SSB signal generated 
at the same IF by conventional means is similarly resolved into polar 
coordinate form. Comparison of the two amplitude components in a 
differential amplifier produces an error signal used to control the 
modulated RF stage, thereby forming an envelope feedback loop. A phase 
control loop is obtained by differencing the respective phase modulated 
components in a phase detector, the output of which controls the VCO.
Thus it may be seen that the transmitter is comprised of a phase lock 
loop (PLL) and an amplitude loop acting on a signal resolved into polar 
c o o r d i n a t e  form, hence the designation Polar-Loop Transmitter.
3.3 Properties of the Type 1 Polar-Loop Transmitter
The Type 1 Polar-Loop Transmitter configuration has a number of potential 
advantages when compared with, conventional exciter-linear amplifier 
designs. These advantages are gained through employing considerable 
amplitude and phase feedback and being a feedback system it is dynamic 
in nature, that is, it is less susceptible to factors such as aging.
The presence of the PLL enables intermodulation distortion arising from 
incidental phase modulation to be cancelled; additionally, translation 
of the phase component to the final operating frequency is accomplished 
directly, thereby obviating the need for one or more stages of mixing 
that are usually required. Translation of a fraction of the output signal
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to the IF is necessary,hut the post—mixer filter requirements are 
generally simpler than those of the image suppressing bandpass filters 
used in conventional transmitters.
As the VCO drives the amplifiers directly it may be operated at high 
output levels to achieve a good signal—to-noise ratio. Thus, for a 
given output power relatively less gain is necessary in the subsequent 
amplifying stages than in a conventional transmitter. A further 
simplification is that class C amplifiers may be used which do not 
require complicated bias schemes and also offer good DC to KF conversion 
efficiency.
The main features of envelope feedback have already been described in 
section 2.3 but it is useful to repeat them here in slightly greater 
detail.In section 2.3 it was shown that provided the loop gain is large 
the amplitude of the output signal is directly proportional to that of 
the modulating signal and independent of the non-linear modulated 
amplifier gain. The amount of feedback which may be applied depends on 
the particular circuit, but at HF, greater than 60 dB may be deployed 
with- adequate stability. A large degree of feedback is particularly 
useful in this transmitter for the following reasons:
1. The modulation characteristic of the modulated RF 
amplifier need not be particularly linear.
2. Additional class C stages may follow the modulated 
amplifier with little degradation in the output spectrum.
This facilitates flexibility in design and enables 
spurious emissions due to phase component leakage
(see section 3.4.3) to be reduced.
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3. An unregulated power source may be used to supply the 
power amplifiers. This is especially advantageous in 
higher power solid state transmitters as regulators 
are expensive and often inefficient.
4. Changes in RF amplifier gain, and therefore output 
power, are automatically compensated for if sufficient 
additional gain is available from the modulated amplifier 
to account for these variations. Such changes may be 
caused by reduced gain at high frequencies in a broadband 
amplifier, detuning through vibration in a tuned mobile 
transmitter, or from aging.
In addition to the above qualities a transmitter based on the Polar-Loop 
Principle offers very good intermodulation performance. However, the 
improvement in intermodulation performance is limited in practice by 
certain degrading mechanisms which are described in the following 
section.
3.4 Spurious Emissions
Unwanted frequency components generated in a Polar-Loop Transmitter and 
viewed on a spectrum analyser appear as intermodulation products. In 
conventional transmitters intermodulation products arise due to the 
passage of a signal having a time dependence of amplitude through a 
non-linear network. In contrast in a Polar-Loop Transmitter the 
modulated RF signal is split into its amplitude and phase components 
which are separately processed and then recombined in a high power RF 
stage to reconstitute the signal. Spurii are generated by the trans­
mitter as a result of limitations in the processing and recombining of
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the two components. These spurii are not strictly intermodulation 
products, although, for convenience they will he referred to as such, in 
this thesis. Spurious emissions are due to :
1. limited baridwidth of the amplitude and phase loops
2. 180° phase transitions of the phase modulated carrier 
at the zero crossings of the RF signal
3. leakage at the output of the phase modulated carrier
4. timing error between the amplitude and phase modulating 
functions
5. non-linearity of the amplitude modulated stage and any 
subsequent RF stages
6. non-linearity of the polar resolver
7. DC drift in the resolver and differential amplifier,and
8. external interfering carriers from other transmitters.
The effect of the above phenomena on the transmitter output spectrum 
is most easily demonstrated when the modulating signal consists of two 
sinusoidal frequency components with a frequency difference When
the two signals are of equal amplitude it is shown in appendix A that 
the phase component, ^Ct), may be represented as a square wave with a 
repetition frequency equal to half that of the difference frequency of 
the two tones. Therefore
L “ w t
(J>(t) = —  I 2^ -j cos(2n - 1} 3.2
n=l
Under the same conditions the amplitude component spectrum, A(t), the 
envelope of the two tone signal, is equivalent to a full wave rectified 
sinusoid defined by the Fourier series
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ACtl - f •» Crll^ COS no),t1 - 2  I — ^ ^
n«l 4n - 1
3.3
where E is the amplitude of each tone.
3.4.1 Spurious emission due to limited loop handwidths 
It may Be seen from equations 3.2 and 3.3 that Both the phase and the 
amplitude functions have frequency components extending to infinity, and 
ideally Both the phase and amplitude loops should have infinite band­
width-. It is interesting to convolve the amplitude and phase spectra without 
any restrictions imposed by limited loop bandwidths. Figure 3.2 shows 
the result of the convolution of 1000 amplitude and phase components in 
which 1000 points are printed out; 0 dB corresponds to the level of each 
tone for a two tone test. It may be seen that the lower order products 
are about 170 dB below the tones and that the higher order components 
increase in level. The increasing amplitude of the output products is 
caused by the limited number of phase and amplitude components used in 
the simulation.
Clearly, in any practical system an infinite loop bandwidth is not possible 
and limitations are primarily imposed by stability considerations. The 
effect of the limited loop bandwidths is to impose a frequency dependent 
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Kaya (3) has modelled Che effects of limited loop bandwidth when the 
amplitude and phase components are convolved. The resultant output spectrum 
is shown in figure 3.3 when both the phase and the amplitude loops have a 
bandwidth of 100 kHz and a first order high frequency roll-off, the tone 
separation is 1 kHz and 1000 components are used in the simulation. It may 
be seen that the level of the spurious outputs decreases outside the loop 
bandwidths as expected, and within the loop bandwidths the level of the 
spurious outputs is nearly constant. By doubling the phase and amplitude 
loop bandwidths (as shown in figure 3.4) or halving the tone separation, the 
spurious products decrease in amplitude by 12 dB.
From the predicted results, it may be concluded that for SSB signals 
spurious radiation due to the limited bandwidths of the phase and amplitude 
loops is not a significant mechanism in degrading the output spectrum of 
a Polar-Loop Transmitter provided the loop bandwidths are of the order of 
100 kHz. For loops of this bandwidth the presence of the spurious 













0.316228 3. 16228 31 .6228 316.228
10 1 0 0 1 0 0 0  
OffseV jra r r \ of Tones "KHz.
F ic ^ 3  o j UmiFcd PVvisc.and Amv^iHxJc.








-  1 0 0
-  1 2 0
- 1 40
1 Tone Separation = 1 kHz | 
1 Amp. Loop Bandwidth = 200 kHz | 
1 Phase Loop Bandwidth = 200 kHz I
-f + + + +++++
0.316228 3.16228 31-6228 316-228
1 10 100 1000
OffscV ^o*n of Tones " KHz
4 of Umihed PViosî  and Amplihjde
Loop BondwridMn on Hie Convolved Pmducts
78
3.4.2 180° phase transitions of the phase modulated carxier at the
zero crossings of the RF signal
Whenever the envelope of an SSE signal falls to zero there is an instant­
aneous 180° phase transition of the phase modulated carrier which must 
he reproduced by the VCO under the control of the phase loop. As the 
transfer function of a VCO is that of an integrator the control voltage 
must produce a large spike Cor discontinuity) each time there is a zero 
crossing of the modulated signal.
If the phase loop could have an infinitely wi.de bandwidth it would be 
able to exactly track any instantaneous phase changes and the control 
voltage discontinuity would be an impulse of infinitely short duration.
A practical feedback loop must have a finite bandwidth and therefore the 
phase loop takes a finite time to track the phase transition and 
consequently the discontinuity also extends over a finite period. The 
discontinuity consists of an impulse which, for a first order loop, 
decays exponentially to the nominal Clocked) voltage.
In response to the step change of phase of the input signal the discontinuity 
changes the VCO frequency, causing a transient loss of lock. As the control 
voltage returns to its locked value the VCO phase changes exponentially 
towards that of the input signal with a time constant which is the inverse 
of the loop gain (4).
The effect of the instantaneous phase transition on the phase loop, as 
described above, does not account for noise in the loop. The phase 
transition occurs at the zero crossing of the modulated RF signal and as 
this signal tends to zero a point is reached where the signal falls below
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the limiter threshold and the limiter limits on noise. This effect would,
of itself, cause a transient loss of lock of the phase loop. The period
over which the limiter is limiting on noise is only a fraction of a
of the
microsecond hut during this time the phase and frequencyj(inputs to the 
phase detector are random in nature. The discontinuity continues to 
occur on the VCO control voltage Because a step change of phase is exper­
ienced By the loop.
The loss of frequency lock occurring at the zero crossings of the 
modulated RF signal can Be a significant cause of spurious radiation 
from a Polar-Loop Transmitter. For the duration of the control voltage 
discontinuity the frequency of the VCO is different from the locked 
frequency and hence, in the two tone case, the output waveform of the 
transmitter may Be approximated By a two tone test signal with a portion 
of the waveform missing following each zero crossing, as depicted in 
figure 3.5. The amplitude of the spurious components caused by the 
distortion of the two tone signal has been determined by considering 
a discontinuous low frequency sinusoid which is multiplied by a carrier 
wave to produce the waveform of figure 3.5 (see appendix B).
The amplitude of the n^^ frequency component, C^, relative to the tones 
is given by
C = Cl - c-ll 1 3 . 4
“ nCl - n 1
where
P - cos (1 - n)0 — 1 3.5
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The amplitude of the spurious components resulting from equation 3,4 
are given in appendix B for various values of 0, where 0 (in degrees! 
is given by
0 = f^.a.180 3.7
where
f^ is the tone separation in Hz 
and a is the duration of the discontinuity in seconds.
For the transmitter described in chapter 6 the duration of the discontinuity 
was approximately 7 microseconds and hence, for a tone separation of 1 kHz 
the maximum amplitude of the spurious products caused by this mechanism 
are approximately 75 dB below the tones.
As the tone separation increases the amplitude of the spurious products 
also increases and for the same transmitter, distortion from this source 
was dominant in determining the transmitter output spectrum for tone 
separations above about 2 kHz.
3.4.3 Spurious emission due to leakage
When the audio modulating signal falls to zero the output from the 
transmitter should do likewise. However, the drive from the VCO is still 
present at the input to the modulated amplifier and because of the 
imperfect isolation of the amplifier a fraction of the signal will leak 
to the output and be radiated. The amplitude of the frequency components 
of the phase modulated carrier (given by equation 3.2) are very large 
under equal tone conditions and only decrease at a rate of 6 dB/octave. In 
order to minimize the spurious radiation due to leakage the modulated 
amplifier should be capable of providing a high degree of input to output
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isolation. The isolation of the modulated RF amplifier is defined as 
the ratio of the maximum to the minimum RF output voltage corresponding 
to the respective maximum and minimum values of the modulating voltage.
The amplitude of the leakage components relative to a single tone in a 
two tone test may be approximated by considering the Fourier series 
expression for the phase modulating component of unit amplitude as given 
by equation 3.2. The magnitude of the n*"^ component, L^, is given
^n " 7T(2n - 1)
and hence for an isolation of a dB 
,-a/20 1
L = -n IT ■ 3.9(2n - 1)
This expression does not account for the falling HF response of the phase 
loop but a closer approximation may be obtained by multiplying the 
expression by the amplitude response of the phase loop at a frequency 
corresponding to the tone under consideration.
Using equation 3.9, for isolation of 50 dP the leakage components, 
corresponding to the frequencies of the third order products (n=2), 
are approximately 57 dP helow the tones. Similarly, higher order 
components reduce hy 6 dB/octave. It may he seen that phase component 
leakage, if not reduced to a sufficiently low level, could become a major 
source of spurious emission from this type of transmitter. The 
isolation, ideally, should be greater than ahout 60 dB in which case the 
level of the third order leakage components are 67 dB helow the wanted
83
tones. Modulated amplifiers used in these transmitters can typically 
achieve an isolation of between 60 and 70 dB at HF.
The use of heavy overall amplitude and phase feedback is particularly
useful if the desired isolation cannot be achieved from the modulated 
amplifier. By following this amplifier with one or more stages of
class C amplification, isolation is improved significantly and yet feed­
back maintains the overall system linearity. This is in contrast with 
earlier' EER transmitters where leakage was often dominant in determining 
the output spectrum, and where additional class C stages following the 
modulated amplifier would result in a severely degraded spectrum due to 
the lack of feedback.
3.4.4 Spurious emission due to timing error
In this type of transmitter the phase component is modulated by the
amplitude component to reconstitute the SSB signal at the output of the
modulated stage. Since the phase and amplitude signals traverse different
path lengths there will be a timing error between these two components
arriving at the modulated stage, figure 3.6. As a result of the timing
error, spurious frequency components will be produced at the transmitter
output. In the case where there is no distortion or loss of lock around
tîlthe zero crossings the amplitude of the n spurious component, ?n»
relative to one of the wanted tones as a function of the timing error, t ,
has been calculated and is shown to be (5)
/ . o . nir4 srn 0 sin ~2~ 2 2 ̂
^ - 2 
ïï0n
(X + Y y  3.10
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Fig 3 .6  Timmg E rro r Bc^wccl1 Amplitude 
and Phase Pa His.
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where
X = n0 cos CnB) - sin Qi0i 3.11
Y = n0 sin Cn0) * cos Gi0) ^ 1 3.12
TOJ ,
0 = 3,13
Values of for various values of 0 are given in appendix C.
Individual spurii arising from this mechanism occur at the same frequencies 
as would intermodulation products and evaluation of equation 3.10 shows 
their level to he virtually constant with increasing order. The value 
of T is dependent on the actual transmitter configuration,but it will be 
less than 1 pS. In this case, with a tone separation of 1 kHz, all 
unwanted spurii will be greater than 104 dB below the tones. Changing 
either the tone separation or the timing error by a factor of two will 
produce a 12 dB change in the spurii level. Therefore, in practice, 
spurious emissions arising through this mechanism are negligible.
3.4.5 Spurious emission due to non-linearity of the modulated 
amplifier and subsequent KF circuitry
The operation of the modulated RF amplifier and any subsequent amplifiers
in class C will cause significant levels of phase and amplitude distortion.
These non-linearities are difficult to estimate since they are dependent
on the transmitter operating frequency, the power amplifiers and their
drive level. However, their undesirable effect on the transmitter output
spectrum is countered by amplitude and phase feedback.
It is possible to establish a broad approximation of the bandwidth 
required for the phase and amplitude loops in order to correct for non­
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linearity introduced by the RF amplifiers. For example, for a two tone 
test signal with a tonè separation of 2 kHz Ccorresponding to the 
approximate bandwidth of an SSB filter! the offset of the third order 
products from the frequency midway between the tones is 3 kHz. Assuming 
first order loops are used (i.e. with an open loop response falling at 
20 dB/decade! and that 40 dB of phase and amplitude feedback is required 
at 3 kHz, then the bandwidth of the two loops should be about 300 kHz.
At HF, significant excess phase shift is introduced into the feedback 
loops, primarily by the RF filters, which places a restriction on the 
bandwidth of the feedback loops if adequate stability margins are to be 
maintained. Despite this restriction amplitude and phase loop bandwidths 
of about 100 kHz have proved satisfactory for SSB speech operation.
3.4.6 Spurious emission due to non-linearity of the polar resolver 
The polar resolver, as its name implies, is used to resolve an input 
signal into polar co-ordinate form. Two such circuits are required, one 
following the SSB generator, the second driven by the down converted fed 
back signal. Both resolvers are identical in design and consist of a 
limiter and a demodulator for deriving the respective phase and amplitude 
components from the input signal. The absolute level of distortion 
generated by the demodulators and AM to PM conversion in the limiters is 
not especially critical provided that these circuits are identical and 
operate at the same input level. Dnder these conditions spurious phase 
modulation due to the limiters will cancel at the phase detector. 
Similarly, amplitude distortion generated by the demodulators will cancel 
as a common mode signal in the differential amplifier. If perfect 
matching between the two resolvers cannot be achieved the resulting 
distortion cannot be corrected by the loops which will cause increased 
spurious radiation from the transmitter.
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The first resolvers employed Hullard TCA420A integrated circuits 
originally designed as FM demodulators, each containing a limiter and 
a balanced mixer. Since separate integrated circuits were used for the 
two resolvers their closeness in matching could not be guaranteed and 
as a result the intermodulation performance of the earlier transmitters 
was often subject to considerable variation if the resolvers were 
changed.
Later designs use a custom made device consisting of two Plessey SL624 
limiter—demodulator chips C6) which are formed on the same silicon wafer. 
By mounting both devices onto a common substrate contained within a 
single package very close matching is possible. The custom-built chip 
offers good repeatable performance although low levels of third order 
distortion may be detected C51. ldeally,both resolver circuits should 
be integrated as a single chip for optimum matching. Such a device has 
yet to be manufactured.
3.4.7 Spurious emission due to DC drift in the resolver and 
differential amplifier
The resolver and differential amplifier circuits are all DC coupled.
Under normal conditions the output of the balanced multiplier within the
resolver would consist of a DC level about which the demodulated output
varies. If the two demodulators are identical any changes of DC level
with temperature and time should cancel; if this is not the case then an
additional DC component will be applied to the differential an^lifier.
The effect is to cause distortion around the amplitude zeros of the RF
output signal thereby resulting in spurious emissions with levels being a
function of the degree of imbalance present. Consequently, it is
necessary to use balanced multipliers exhibiting very low differential
DC drift characteristics.
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The above problem was a major source of difficulty in earlier resolver 
circuits where DC balance would require adjustment at frequent intervals 
in order to maintain distortion at a minimum. Drift is minimized using 
the custom built chip since the resolvers are formed from the same slice 
of silicon and mounted on a common substrate. Any further tendency 
towards DC drift is eliminated by the cross-coupling of the balanced
differential outputs of the two demodulators, figure 3.7 In this manner
the DC potentials are constrained to be equal between the circuits and 
excellent thermal stability is achieved.
The requirement of low drift is also necessary in the differential 
amplifier. Modem integrated circuit operational amplifiers have very 
good differential drift properties and the types used in the transmitter 
show no tendency to drift (and therefore degrade the transmitter output
spectrum) over a wide range of temperature.
Using low drift differential amplifiers together with matched resolvers 
having cross-coupled demodulator outputs ensures that once the DC balance 
is set, no further adjustment is necessary under all temperature 
conditions likely to be met in practice.
3.4.8 Spurii caused by interfering carriers from other transmitters 
If two transmitters are operating in close proximity to one another 
energy from one transmitter may be received by the aerial of the other. 
Intermodulation and cross—modulation products may then be generated due 
to the interaction of these two signals in the non-linear output circuit 
of the final stage power amplifier (7). If radiated by the antenna, 

























In the case of a Polar-Loop Transmitter the distortion products generated 
between an interfering and the wanted signal, and the interfering signal 
itself, are fed back and appear at the input to the resolver. The 
effect of these signals is to introduce additional frequency components 
in the amplitude and phase loops which produce outputs from the trans­
mitter that partially cancel the unwanted spurii. The degree of 
cancellation is a function of the frequency difference between the 
wanted and interfering signals and the bandwidth of the phase and 
amplitude loops (the mechanism whereby radiation from a Polar-Loop Trans­
mitter occurs due to unwanted signals reaching the resolver is covered 
in more detail in appendix F and chapter 7).
The effect described above may be considered advantageous in that the use 
of amplitude and phase loops having a high loop gain may provide a 
significant reduction in the level of the distortion caused by an inter­
fering carrier appearing in the output circuit of a final stage power 
amplifier. However, the presence of an interfering carrier may cause 
increased spurious radiation from a Polar-Loop Transmitter whenever its 
level exceeds that of the wanted signal.
When the level of the interfering signal exceeds that of the wanted
signal, as measured at the input to the resolver, the dominant output of 
the limiter is due to the interfering signal as a result of the capture 
effect. As the phase loop cannot lock onto an external interfering 
signal lock is lost, but regained when the SSB drive exceeds the level 
of the interfering carrier.
For the amplitude loop, the output from the demodulator of the input 
resolver (driven from the SSB generator) is the envelope function of
the drive signal. Similarly, the output of the feedback resolver
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demodulator is the same signal plus an additional component due to the 
interfering carrier. As the input envelope signal tends to a minimum 
the demodulated feedback signal does likewise until the output of the 
SSB- generator falls below that of the interfering component. At this 
point the dominant output of the feedback limiter is due to the inter­
fering signal (as a result of the capture effect). The output of the 
demodulator is also primarily determined by the interfering signal, thus 
the demodulated output of the input resolver falls to a lower value than 
that from the feedback demodulator. The amplitude loop attempts to 
balance the voltages appearing at the input to the differential amplifier 
and consequently the amplitude control voltage moves in the appropriate 
sense to reduce the transmitter output signal in the crossover region.
The output waveform of the transmitter then approximates to that shown 
in figure 3.8 for a two tone input signal. The mechanism described 
above is caused by the capture effect in the limiter of the feedback 
resolver and is independent of either the amplitude or phase loop 
bandwidth.
The loss of the two tone signal in the region of the crossovers causes 
increased spurious radiation from the transmitter and the level, A ,n
of the n^^ spurious component relative to the tones is shown in
appendix D to be
, _ [l - (-1)^] r sinÇl -
n 7T 1 - n
 n)0 sinCl + n)6 3.14
where
0 = 2 sin ^CRi 3.15
and
R is the ratio of the peak voltages of the interfering carrier 
to that of the two tone envelope
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Fig. 3.8 Dis^orl'^oh o j Hie Two Tone 
Envelope due ho an Ihherjcnng 
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Typical values of for different values of 0 are given in appendix D.
In the derivation of equation 3.14 it is assumed that the waveform of 
figure 3.8 is symmetrical about the two tone crossover point and there­
fore does not account for the time required for the phase loop to 
re-establish lock when the wanted signal exceeds the level of the inter­
fering carrier. However, the amplitude of the spurious components 
predicted by equation]are in broad agreement with the measured values 
(see section 7.82) when 0 of equation 3.14 is similar to or greater in 
magnitude than 0 of equation 3.4.
There is likely to be a significant difference in the relative levels 
of the wanted and interfering signals as measured at the output of the 
transmitter and the input to the resolver. This occurs because sampling 
of the RF signal should be performed using a directional coupler to 
provide a feedback signal which is independent of any standing waves on 
the output transmission line (for reasons described in chapter 4).
At HF the directivity of the coupler - a measure of its ability to couple 
signals in the forward and reverse directions - is typically 30 dB.
The relative level of the interfering carrier to the wanted signal will 
be 30 dB lower when measured in the feedback path than in the transmitter 
output circuit. Furthermore, additional attenuation of the interfering 
carrier may also be obtained from the filter following the IF mixer.
Using the Polar-Loop Transmitter described in chapter 6, on a two tone 
test an interfering carrier of 42 dB below the peak power was required 
to cause the appearance of distortion products at approximately 75 dB 
below the tones. If a directional coupler had been used to sample the 
RF output signal the interfering signal would have had to have been
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approximately 12 dB below the peak power of the Polar-Loop Transmitter in 
order to cause the same increase in distortion. Such a high level of 
interfering carrier is unlikely to be encountered in practice and 
therefore no noticeable degradation of the output spectrum of a Polar- 
Loop Transmitter should occur under virtually all operating conditions.
3.5 Two Tone Test Signal Having Unequal Tone Amplitudes 
The most commonly used test for determining the linearity of linear radio 
transmitters is the two tone test using two RF tones of equal amplitude. 
This test is a far more stringent operating condition for a Polar-Loop 
Transmitter than a conventional transmitter because of the separation 
and processing of the SSB signal into its polar coordinate form. If 
the two tones are made unequal then the two tone test becomes a much 
less severe test for a Polar-Loop Transmitter.
Figure 3.9 and figure 3.10 (from appendix A) illustrate the reduction in 
amplitude of the Fourier components of the phase and amplitude spectra 
when tones of unequal amplitude are used for a two tone test; p 
corresponds to the ratio of the amplitudes of the tones. There is a 
large reduction in the amplitude of the higher order components in each 
spectrum compared to the equal tone condition, particularly in the case 
of the phase component. As the higher order components are much smaller 
in the unequal tone case the spurious outputs caused by the limited loop 
bandwidths are reduced.
As a two tone SSB signal with unequal tone amplitudes has no zero crossings 
there are not instantaneous 180° phase transitions of the phase modulating 
function as illustrated by figure 3.11 (from appendix A). Consequently, 

















































































phase signal is avoided, leading to a cleaner output spectrum, especially 
if there is a large frequency difference between the two tones.
A further benefit of having no zero crossings of the SSB signal is the 
lack of leakage of the phase modulated carrier. The leakage has a very 
wide bandwidth in the case of two tone modulation and may be a considerable 
source of spurious radiation if the modulated RF amplifier has a poor 
degree of isolation.
It may be concluded that the use of RF tones of unequal amplitude in a 
two tone test may significantly improve the output spectrum of a Polar- 
Loop Transmitter, particularly if there is a large frequency separation 
between the tones. This is demonstrated in chapter 7.
3.6 The Phase Loop
From the preceding sections it may be seen that the phase loop should 
have a bandwidth of about 100 kHz to pass the significant components of 
the phase modulating function and to correct for incidental phase 
modulation introduced by the RF amplifiers.
The loop is required to have a good transient response in order to track 
the instantaneous phase changes which occur at the zero crossings of the 
modulated RF signal. In reference (4) it is shown that a loop with a 
first order characteristic exhibits the lowest transient phase error to 
a step change of phase, and accordingly a first order loop is used in 
Polar-Loop Transmitters. This type of PLL is not as common as the second 
order loop as only one parameter, the loop gain (equal to the loop band­
width), is controllable. The presence of a lag-lead filter in second 
order loops allows both the natural frequency and damping ratio of the 
loop to be controlled independently whilst still maintaining a high loop
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gain, properties which are important for narrowband applications. In 
the case of a Polar-Loop Transmitter however, the use of a first order 
loop is justifiable because the large phase loop bandwidth requirement 
ensures that a high loop gain is achieved.
A basic block diagram of a first order loop together with its associated 
bode response is shown in figure 3.12. The integrator of the VCO results 
in an open loop amplitude response which falls at 6 dB/octave, and a 
constant open loop phase shift of -90°. For a loop gain, K, the closed 
loop transfer function of a first order loop is given by:
where
9^Cs) is the phase of the input signal to the PLL 
9^(s) is the phase of the output signal from the VCO
K is the loop gain, given by the product of the VCO
constant, , and the phase detector constant,
The large phase margin C90°) of a first order loop is advantageous for 
HF Polar-Loop applications where significant excess phase shift introduced 
by high frequency poles within the loop is generally present. This excess 
phase shift reduces the stability margin of the loop (as described in 
chapter 5) and may be sufficient to turn the loop from a first order to 
a Second order dominant system. Although a first order characteristic 
is selected for the phase loop, measurements performed indicated that 
any distortion of the output spectrum that may have been attributable to
the oscillatory response of the phase loop was masked by other sources
of spurious emissions that are described earlier in this chapter.
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One of the properties of a first order loop employing a sinusoidal phase 
detector is that both the capture and the hold-in range are equal to the 
loop bandwidth. If a fixed frequency VCO is used for an HF Polar-Loop 
Transmitter (see section 4.2.3) the tracking ability of a first order 
loop should be sufficient to compensate for any drift of the VCO frequency. 
Where a VCO is required to operate over a range of frequencies, or at 
higher frequencies where the VCO drift is likely to be large, second 
order loops are used to provide an increased locking and capture range (5). 
These loops are designed to exhibit first order characteristics at higher 
frequencies in order to achieve good transient response.
3.6.1 Phase detectors
The simplest forms of phase detector are the diode ring type and its 
digital equivalent,the exclusive-OR gate C8). These types of phase 
detector are satisfactory for use in Polar-Loop Transmitters although 
their active region only extends over a range of ±90° to give a capture 
and hold-in range of a first order loop which is limited to a value equal 
to the loop bandwidth. Extended capture and hold-in ranges may be 
obtained using ôther forms of phase detector, such as flip-flops and 
sequential phase-frequency types, which are useful in that the phase loop 
is made more tolerant of VCO drift and locking time is reduced compared 
with loops employing simpler phase detectors of the types described 
above. A sequential phase-frequency type phase detector was used in 
the transmitters described in this thesis which has a linear character­
istic over a range of ±360° and therefore a capture and locking range 
four times greater than that of the diode ring and exclusive-OR types.
102
The phase detector should ideally have a high constant to enable a VCO 
with a relatively low deviation sensitivity to be used to obtain the 
required loop bandwidth in order to minimize the noise produced by the 
VCO in response to noise on the control voltage.
3.6.2 Voltage controlled oscillators
The VCOs used in Polar-Loop Transmitters may be operated at high power 
levels for good noise performance; any tendency to drift being compensated 
for by the wide bandwidth phase loop. In order to obtain a wide loop 
bandwidth a comparatively high VCO constant is required (generally, 
several tens of kHz) which precludes the use of voltage controlled crystal 
oscillators. At HP, simple Colpitts LC types were used employing a 
varactor diode to vary the output frequency in response to a control 
voltage.
3. 7 The Amplitude Loop
As has been seen in sections 3.4.1 and 3.4.5 the amplitude loop bandwidth 
should ideally be greater than about 100 kHz. The dominant pole in 
determining the loop bandwidth is caused by the differential amplifier 
which is,in practice,an operational amplifier. This amplifier operates 
in open loop and a feedback path around the amplifier is obtained through 
the RF circuitry. A block diagram of the amplitude loop is shown in 
figure 3.13 where:
A^ is the DC gain of the operational amplifier
is the open loop pole of the operational amplifier
K, is the demodulator constantu
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K is the gain factor of the modulated amplifier
V^Cs) is the input modulating signal
VgCs) is the fedhack signal
V^Cs) is the output of the differential amplifier
The amplitude loop bandwidth is readily calculated. Referring to 
figure 3.13 the output voltage of the differential amplifier is given by:
(s) - [v^(s) - V^Cs)] 3.17
V.Cs) = V.Cs).KKK, 3.18z j r a d
=  [ v , ( s )  -  V j C s )  AVjCs) I V^ sl.K^K^Kj 3.19A 0)3I)P
Let K = and rearranging gives:
V Cs) A 0)
Ji  =  O P
ViCs) S + Ü) + KA w p o p
3.20
and since KA >> 1 o
V,(s) A w
. A   =  °_P___ 3 21V.Cs) S + KA w * o p
It may be seen from equation 3.21 that the amplitude loop has a first 
order response with a closed loop pole at w = - KA^w^ rads  ̂ and figure 3.14 
shows a bode plot for the loop. Thus the loop bandwidth may be stated 
as being equal to the product of all the gains and losses around the loop 
(the loop gain) and the open loop pole of the operational amplifier.
Other poles will also be present in the loop due to the high frequency 
roll-off in RF amplifiers, filters and demodulators. These poles are
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usually greater than several Megahertz and hence, have little effect on 
the closed loop response. In these circumstances the above analysis 
provides a good estimate of the amplitude loop bandwidth.
The degree of feedback applied around the differential amplifier is 
(Ag + K) dB which may be greater than 60 dB for an HF transmitter. As 
is described in section 3.4.5, a high loop gain is required in order to 
linearize the modulation characteristics. During design the loop gain 
of a given loop will be determined by the point at which the modulated 
power amplifier appears in the RF amplifier chain - either at the final 
or an earlier stage. Adjustment of the loop bandwidth is then performed 
by varying the open loop pole of the differential amplifier which may be 
achieved using a single compensation capacitor. With the differential 
amplifier used the open loop pole may be adjusted from over 1 kHz to a 
few Hz through adjustment of the compensation capacitor. In this manner 
a large degree of flexibility in choice of closed loop bandwidth is 
possible.
If there is any variation in the RF drive level to the modulated amplifier 
(depending on its type) or gain variations in the modulated amplifier, 
or subsequent amplifiers, the amplitude loop gain will change (see 
appendix E). This in turn causes a corresponding change in the amplitude 
loop bandwidth, and hence it is undesirable for any of the RF amplifiers 
to have a large gain variation Cwhich may occur when the operating 
frequency is changed).
Although the loop gain may change due to gain variations in the power 
amplifiers the output power of the transmitter will remain constant as 
demonstrated by equation 2.8, a property which is particularly advantageous 
when using broadband power amplifiers. To ensure that the output power
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of the transmitter remains constant the modulated amplifier must be 
capable of supplying the necessary power without saturating. If the RF 
power amplifiers have a large gain variation the modulated amplifier 
must be operated inefficiently and at low power levels if it is to have
a large amount of ’spare* gain and output power capability.
The output power of a Polar-Loop Transmitter may be increased by adding 
additional RF amplifying stages with little change in the amplitude loop 
dynamics (provided the gain of the RF amplifiers remains constant) 
because the additional contribution to the loop gain from these amplifiers 
is matched by an equal increase in the attenuation of the RF signal. If 
these additional amplifiers are grossly non-linear some degradation of 
the transmitter output spectrum may result because the loop gain of the 
amplitude (and phase) loops has not changed and yet there is an increase 
in distortion arising due to these amplifiers.
The use of envelope feedback requires a protection circuit for disabling 
the transmitter if a fault develops - for example, a loss of the fedback 
RF signal. Under these conditions the differential amplifier will force 
the modulated RF stage to produce maximum gain in an attempt to balance
its two inputs. Any following amplifiers could then suffer damage from
being subjected to excessive drive levels. Moreover, if the fedback 
signal were lost the phase loop would go out of lock and there would be 
a possibility of radiating a large amount of energy over a wide frequency 
range. A protection circuit to overcome difficulties in the event of a 
failure in the amplitude loop is particularly simple to implement. A 
comparator circuit could monitor the amplitude control voltage, and when 
a predetermined level is exceeded the transmitter would be disabled.
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3.7.1 The modulated KF amplifier
The Polar-Loop configuration does not impose any severe restriction on 
the type of modulated amplifier that is used. Any non-linearity of the 
modulation characteristic of the RF amplifier will be compensated for 
by the large amount of envelope feedback. Similarly, incidental phase 
modulation caused by the modulation process will be corrected automatically 
by the phase loop. However, when the modulating signal falls to zero 
the transmitter output should also fall to zero for reasons already 
described in section 3.4.3.
Collector modulation suffers a major disadvantage in that appreciable 
RF energy can leak across the modulated amplifier and be radiated. As 
the modulating signal approaches zero the constant amplitude drive signal 
from the VCO is sufficient to forward bias the collector-base junction 
of the transistors forming the modulated amplifier. A further contribution 
towards leakage also occurs through the collector-base capacitance, 
which may be reduced to some extent by neutralization. Typical figures 
for the isolation of a collector modulated amplifier at HF would be in 
the region of 30 dB. Using equation 3.9 it may be seen that this figure 
results in spurii due to leakage corresponding to the third order products 
of only 37 dB below the tones of a two tone test signal.
Drain modulation of VMOS power FETs has also been tried as a method of 
improving the isolation. The leakage path through the forward biasing 
of a PN junction is absent and in section 2.5 a measured isolation at 
10.7 MHz of 38 dB was achieved when used as part of an EER transmitter.
This figure is still too low if leakage is not to be the limiting effect 
in determining the output spectrum.
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The problem of insufficient isolation is largely overcome by using gate- 
modulated VMOS devices in the amplitude modulated stage and arose from 
work on a simple AM transmitter C9). N channel VMOS devices operate in 
enhancement mode, i.e. they will be turned on by a positive gate-source 
voltage. By applying a suitable negative gate voltage the KF- input signal 
superimposed about this DC level will be insufficient to drive the FET 
into conduction. Residual RF feedthrough across the gate-drain capacitance 
may be reduced by conventional neutralization adjusted for maximum 
isolation at the maximum negative excursion of the gate modulating voltage. 
In this manner it is possible to obtain isolation of greater than 60 dB 
at HF.
In addition to their good isolation, a further advantage of using VMOS 
FETs at HF is the high impedance presented by the gate circuit at low 
frequencies. Almost no power is required from the modulator and therefore 
the gate may be controlled directly from the differential amplifier, which 
is both simple and efficient. Although the gate-drain transfer character­
istic of VMOS devices is not particularly linear, this non-linearity is 
largely negated by the overall envelope feedback.
Whilst gate modulation is both simple and effective, it is also possible 
to base modulate bipolar transistors. For this application the differential 
amplifier must be followed by a low impedance current driver to satisfy 
the base drive requirements of the transistors. Experiments carried out 
on neutralized low power bipolar amplifiers showed that isolation equal 
to that attained using VMOS devices may be obtained with a negative base- 
emitter voltage of about 2-3 volts. This level, plus the peak negative 
excursion of the phase modulated signal, may be sufficient to exceed the 
base—emitter breakdown voltage of the transistor, typically about 4 volts.
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The breakdown of this junction does not necessarily cause immediate 
device failure but may result in a gradual deterioration of performance, 
resulting in loss of gain and increased noise output (10). therefore, if 
base modulation of an RF amplifier is to be used care should be taken to 
ensure that the base-emitter breakdown voltage is not exceeded.
A further consideration in the feedback system is to ensure that additional 
poles are not introduced which are sufficiently low in frequency to 
degrade the closed loop stability margin. Such a case may easily occur 
with collector Cor drain) modulation of the modulated amplifier. To 
ensure stable operation, the supply circuits should be well decoupled 
from DC through to VHF. If low frequency decoupling is provided by a 
1 yF capacitor, and the series resistance of the modulator is 1 0, then 
a pole at 160 kHz will result. The resultant pole is the same order of 
magnitude as the desired first order closed loop response, and a 
significant change in the loop dynamics will result. Thus, in addition 
to comparatively poor isolation, another disadvantage of collector or 
drain modulation is that the supply decoupling capacitance must be reduced 
which may compromise the stability of the modulated power amplifier.
Base or gate modulation generally suffers somewhat less from the above 
problem due to the reduced decoupling requirements at the input of the 
modulated amplifiers. At HF, a broadband push-pull pair of VMOS devices 
are used as the modulated amplifier as shown in figure 3.15. Modulation 
is applied to the gates from the differential amplifier via an RF 
isolating resistor. The pole formed by this resistor and the input 
capacitance of the VMOS FETs is at several Megahertz, well above the 
















3.8 Fixed Frequency Polar-Loop Transmitter
Before building a broadband HF Polar-Loop Transmitter, a simple trans­
mitter of this type was constructed operating at its IF of 10.7 MHz. 
Operating the system at the fixed IF obviates the need for frequency 
translation which may introduce distortion or other effects that may 
prove difficult to isolate.
A first order phase locked loop was used with a bandwidth of 70 kHz and 
the amplitude loop had a bandwidth of approiximately 100 kHz. The final 
RF stage was modulated and consisted of a broadband push-pull pair of 
VMOS devices capable of delivering 20 watts PEP. Up to 70 dB of isolation 
could be achieved with a gate-source voltage of -20 volts.
Performance of the transmitter was satisfactory, producing third order 
products between about 40 and 45 dB below the tones using a two tone test 
signal. The resolver circuit in this prototype transmitter used two 
separate Mullard TCA420A integrated circuits. Close matching between 
each integrated circuit (IC) could not be guaranteed and the substitution 
of different ICs of the same type would alter the spurious output of 
the transmitter. Difficulty was also experienced due to DC drift between 
the two demodulators in the resolver: cross coupling of their differential 
output was not used on these earlier circuits and frequent DC balance 
adjustment was necessary to keep spurious output to a minimum.
By retaining the limiter sections and replacing the active product 
detector with a passive double balanced diode ring mixer, matching and 
stability between the two demodulators was significantly improved. Slight 
drift \TOuld still occur requiring adjustment, albeit less frequently 
than before, which was due to slight differences between the diode turn­
on voltages with changes in temperature.
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A typical two tone test result when using the diode ring demodulators 
is given in figure 3.16 for an output power of 20W PEP. It may be seen 
that the third order products are at a level of -54 dB with rapidly 
diminishing levels of higher order products. By way of comparison 
figure 3.17 is the output spectrum of a VMOS linear amplifier operating 
at the same output power and frequency. The power amplifier was identical 
to that of the modulated amplifier in the Polar-Loop Transmitter except 
that gate-drain negative feedback was used and it was biased in class 
AB with a standing current of 200 mA. The third order products in 
figure 3.17 are 26 dB worse than those of the Polar-Loop Transmitter and 
significant levels of higher order products are also present.
The DC to RF conversion efficiency of the VMOS amplifier biased in class AB 
was 44% at full output power. In comparison, the efficiency of the 
modulated amplifier was 62% at the same output power in the absence of 
modulation, reducing to 54% when gate modulation was applied. Even if 
a more complex class D drain modulator had been used, with an efficiency 
of 90%, the overall efficiency of the modulator and the modulated 
amplifier would have only been 56%. It may therefore be concluded that 
there is little improvement in efficiency to be gained using class D drain 
modulation rather than gate modulation of VMOS devices.
The primary limiting feature in determining the output spectrum of this 
transmitter was the closeness in matching of the two separate resolvers. 
When very close matching was achieved excellent performance was possible 
and figure 3.18 shows the best spectrum obtained from this transmitter 
at an output power of 20 watts PEP, which was almost the same as that of 
the SSB. generator. In order to consistently maintain this level of 
performance it is necessary to use the custom built resolver chip which 
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In this chapter the Type 1 Polar-Loop Transmitter is introduced and its 
basic properties are described. This transmitter configuration is 
similar to EER transmitters in that a low power SSB signal is split into 
its polar coordinate form and the resulting phase and amplitude components 
are separately processed before being recombined in a high power RE 
amplifier. The primary advantages of transmitters based on the Polar- 
Loop Principle compared with conventional exciter-linear amplifier designs 
are high efficiency and insensitivity to either amplitude or phase 
distortion and gain variations introduced by the RE amplifiers. These 
advantages are obtained by using large amounts of overall negative feed­
back. Stable operation is achieved because the bandwidth of the feedback 
circuits acting on the phase and amplitude components is much smaller 
than the bandwidth of the RE circuits. Therefore the excess phase shift 
introduced into the two loops by the RE stages is small.
Spurious emissions are produced by Polar-Loop Transmitters, primarily 
as a result of limitations in the processing and combining of the signals 
by the two loops. Several sources of spurious radiation are identified 
and by appropriate design unwanted emissions may be made considerably 
smaller than those produced by conventional transmitters. The linearity 
is demonstrated by a basic fixed frequency Polar-Loop Transmitter capable 
of producing third order products of up to 74 dB below the PEP on a two 
tone test with a DC to RE conversion efficiency of 54%.
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CHAPTER 4
APPLICATION OF THE POLAR-LOOP PRINCIPLE 
TO HF TRANSMITTERS
Summary
This chapter describes the basic requirements for HF Polar-Loop 
Transmitters operating between 1.6 MHz and 30 MHz. Possible transmitter 
configurations, the type of RF power amplifier and the effects of 
standing waves are considered. Subsequently, the results obtained from 
a simple broadband Polar—Loop Transmitter are discussed.
4.1 Introduction
This thesis is primarily concerned with the application of the Polar- 
Loop Principle to HF transmitters and in this chapter the basic consid­
erations for a transmitter operating in this frequency range are 
discussed. These considerations are
1. Frequency agility. The large available bandwidth and 
the need to select an operating frequency appropriate 
to the propagation conditions requires a broadband 
transmitter capable of operating at any frequency in 
the range 1.6 MHz to 30 MHz.
2. Power amplifier characteristics. Broadband power amplifiers are 
required to raise the output power to any desired level.
Unlike conventional linear transmitters the linearity of
the power amplifier is not important which can lead to 
potentially simpler and more efficient designs.
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3. Effects of feeding a mi.ainatched load. The output devices 
of a power amplifier will he subject to increased stress 
or possibly destroyed if they are terminated into a 
mismatched load impedance. Furthermore, care must be 
taken to ensure that the fed back sample of the trans­
mitter output signal is independent of the standing 
wave ratio CSWRl otherwise undesirable variations in 
the output power may occur under mismatched conditions.
Each of the above points will now be discussed.
4.2 Broadband HF Polar-Loop Configurations
There are three basic configurations of Polar-Loop Transmitter that 
are suitable for broadband HF use. Each form may be categorised by 
the method used to implement the voltage controlled oscillator CVCO).
4.2.1 Transmitter employing a VCO at the final output frequency 
The simplest form of Type 1 Polar-Loop Transmitter employs a VCO 
operating at the transmitter output frequency, as shown in figure 4.1. 
An advantage of this implementation is that the phase locked loop (PLL) 
allows direct translation of the phase component to the final output 
frequency without the use of mixers. Therefore, the VCO may be operated 
at high power for good noise performance. Moreover, the amount of gain 
(and hence noise) following the VCO to meet a given output power 
requirement is reduced.
The configuration of figure 4.1 may be adopted for use at HF if the 
VCO is made to span the required 30 MHz range. A VCO which covers a 
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Furthermore, ho th. the phase noise and the variation in the VCO constant 
are likely to be excessive Q ) • Large variations in the VCO constant 
are especially undesirable as this will cause a corresponding change 
in the closed loop bandwidth of the phase loop. An approach which 
overcomes these problems is to use several switched resonator circuits, 
each of which covers a specific portion of the HF band. Selection of 
the appropriate resonator is accomplished using a digital word from 
the frequency synthesizer, a technique commonly used for VCOs which 
are required to cover a wide frequency range.
To establish lock, the phase loop must have a capture range which is 
sufficient to allow for the highest initial offset between the free- 
running and required VCO frequency. First order loops have a locking and 
capture range approximately equal to the loop bandwidth, about 100 kHz 
for this application, which is generally insufficient to meet the 
acquisition requirements. Therefore, some form of additional frequency 
tracking loop is necessary for satisfactory operation of this form of 
Polar-Loop Transmitter.
4.2.2 Transmitter employing a VHF or UHF VCO
An alternative approach which overcomes the need for multiple switched 
resonators in the VCO is shown in figure 4.2, with synthesizer 
frequencies for a 1.4 MHz IF. By virtue of its higher frequency the 
VCO may be made to operate over a 30 MHz range with little difficulty.
As in the previous case, a form of frequency tracking loop is necessary 
to initially acquire phase lock.
Translation of the VCO frequency to between 1.6 MHz and 30 MHz is 
accomplished by mixing with a fixed frequency oscillator. A simple 






















noise should he low to minimise the noise appearing at the output of 
the transmitter although absolute frequency stability is not essential 
as any drift is compensated for by the VCO.
The input power limits of the mixer require lower power operation of 
the VCO and consequently increased RF amplification for a given output 
power relative to the previous case. However, since the VCO signal is 
of constant amplitude the mixer may be driven at a higher power level 
than is possible with a linear transmitter. Because of the high input 
frequencies to the mixer, intermodulation products introduced by the 
mixing process can be removed by a simple low pass filter.
4.2.3 Transmitter employing a fixed frequency VCO
A third method of producing a broadband Polar—Loop Transmitter is to 
use a fixed frequency VCO and mix down to the desired output frequency 
with a variable frequency source. Figure 4.3 shows a block diagram of this 
configuration for a 1.4 MHz IF. As the VCO operates at a fixed frequency 
a frequency tracking loop is not necessary with this configuration, 
although two variable frequency signals are required from the synthesizer.
4.2.4 Requirements of the feedback path
Irrespective of the configuration chosen, a sample of the transmitter 
output signal is converted to a fixed intermediate frequency. The 
characteristics of the feedback path are important in determining the 
performance of the transmitter for the following reasons:
1. Undesirable variations of the transmitter power will 
occur if the level of the sampled signal is affected 
by the presence of standing waves on the output trans­





























2. Any change in the attenuation of the feedback, path to 
the resolver will cause à corresponding change in the 
output power of the transmitter, as shown by equation 2,8. 
Mixers often exhibit a frequency dependent conversion loss 
and therefore the mixer in the feedback, path should
be selected for a constant conversion loss over the 
operating frequency range.
3. The distortion introduced by the mixer and any 
subsequent IF amplification should be small as it will 
not be corrected by the feedback loops, causing it to 
appear at the output of the transmitter.
4. The frequency synthesizer driving the mixer should 
have low phase noise characteristics as noise from this 
source will be added to the transmitter output signal.
5. Unwanted frequency components generated by the mixing 
process may cause spurious radiation from the trans­
mitter if they reach the resolver. An IF filter is 
therefore necessary to attenuate these spurii, and the 
requirements of this filter, the sources of spurious 
signals and the choice of IF are discussed in chapter 5.
4.2.5 Polar-Loop Exciter
Conventional HF transmitters usually generate the modulated signal at a 
level of 100 mH PEP on the final output frequency using a synthesized 
exciter. A series of cascaded linear power amplifiers designed to 
accept an input of 100 mW" follows the exciter to increase the power to 
the desired level. This practice enables the majority of exciters to 
interface directly with any power amplifier. A similar approach may
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be adopted using the Polar-Loop configuration to form a low power 
Polar—Loop exciter which retains compatibility with the above guidelines. 
The exciter would, in effect, be a complete transmitter including a 
modulated power amplifier operating at 100 mW, It should be designed 
such that stable operation is obtained when the feedback loops are 
closed. Further power amplification could then be added as required 
without changing the amplitude loop gain, as an increase in the loop 
gain by sampling after the high power amplifier would be acconçanied by 
a corresponding increase in the attenuation of the fed back signal.
4.3 Broadband HF Power Amplifiers
In most applications the linearity of conventional transmitters is 
considered a more important requirement than efficiency, which makes the 
transmitter a poor converter of DC to RF energy. However, linearity 
is not essential for amplifiers used in Polar-Loop Transmitters and 
consequently the efficiency of the amplifiers may be improved. A 
simple method of improving the effeciency is to remove the bias voltage 
such that an amplifier operates in class C. One effect of using class C 
biasing is to greatly increase the harmonic output of the amplifier.
This is illustrated in table 4.1 for a broadband push-pull 20W VMOS 
amplifier operating at 10 MHz with an output power of lOW mean, for no 
standing current, and a standing current of 25 mA per device. The 
Radio Regulations (2) require that harmonics be at least 40 dB below 
the fundamental component for power levels below 1 kW. Therefore, to 
meet these limits the complexity and hence the cost of the harmonic 
filters are significantly increased for an amplifier operating in 
class C.
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Standing Current I Harmonic - dB below Fundamental 
per Device - mA. | 2 | 3 | 4 | 5 l 6 | 7
0
25
I 20 I 6 I 25 I 11 I 27 1 21
I 30 I 20 I 42 I 19 I 45 I 27
Table 4 .1  Harm onic Ouhpuh of l"hc Broadixincl
Amplifier
B A 40
Fi^.4,4 6^ahdll^ Waves on a Transmission Line
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The harmonic levels given in tahle 4.1 for zero bias would have been 
even higher if any preceding amplifiers were also operating in class C. 
Consequently, it is advantageous to use amplifiers operating in class A 
or AB for the lower power stages of a broadband Polar-Loop Transmitter. 
Furthermore, the use of linear rather than class C operation offers 
improved gain and slightly reduced gain variation across the HF band.
The overall efficiency of the transmitter is not greatly reduced as it 
is primarily determined by the final stage power amplifier.
At certain drive levels it was found that the presence of a harmonic 
output filter could cause instability in some high power broadband 
class C an^lifiers. Parametric oscillations were produced causing 
spurious frequency components to he generated at sub-harmonics of the 
fundamental frequency. These oscillations were caused by the large 
amount of reflected harmonic energy appearing at the amplifier since 
the stop—band impedance of the filters was largely reactive at harmonic 
frequencies.
A possible method of overcoming any instability problems is to use 
absorptive filters (3) that are a combination of high and low pass 
filters in which harmonic energy is separated from the wanted output and 
then dissipated in a matched resistor. Th.is type of filter has a low 
standing wave ratio CSWRl in both the passband and the stopband, and 
harmonic energy is absorbed in the filter rather than reflected back to 
the amplifier. The penalty paid in using absorptive filters is their 
increased complexity and cost compared with the more usual low pass 
filters.
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From the above discussions it may he concluded that the advantage of 
increased amplifier efficiency made possible by using high, power broad­
band class C amplifiers is partially offset by the additional complexity 
of the harmonic filters. However, by biasing the final stage amplifier 
to the point of, or just into conduction, the harmonic levels are 
greatly reduced thus enabling output filters to be used that are no 
more complex than existing designs. Operation in class B still allows 
a worthwhile improvement in efficiency compared to the more usual 
class AB biasing of higher power linear amplifiers. It is the overall 
prime DC to RF conversion efficiency which is important and by using 
an unregulated supply for the power amplifiers the efficiency of a 
Polar-Loop Transmitter may be significantly greater than that of a 
conventional transmitter (where the inefficiency of the regulator is 
compounded with that of the power amplifiers).
A possible disadvantage of using a class B rather than a class C 
amplifier following the modulated amplifier is the lack of additional 
isolation against phase component leakage. This is only a problem if 
the modulated amplifier is incapable of providing sufficient isolation.
4.4 The Effect of Standing Waves on a Transmitter
When a transmission line is terminated in an impedance other than its 
characteristic impedance some signal energy is reflected at the 
termination back along the line. Partial addition and cancellation of 
the forward and reflected phasors produces a regular Cvoltage and 
current) standing wave pattern as shown in figure 4.4. The presence 
of standing waves can be potentially destructive for a power amplifier 
as it may result in operation outside the safe operating area of the
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output devices. Most transmitters employ circuitry for deriving control 
signals which are functions of the forward and reflected power. These 
signals are used in an automatic level control CALC), loop to prevent 
hoth overdriving the transmitter and damage to the power amplifier in 
the event of a load mismatch.
Polar—Loop Transmitters are susceptible to mismatched loads because the 
feedback signal is obtained from the output. For example, referring 
to figure 4.4, under mismatched conditions sampling at point A using 
a current sampler would cause the fed back voltage to rise relative to 
the matched condition. The effect of the amplitude loop is to return 
the sampled signal to its original level by reducing the peak gate 
control voltage. Therefore, the transmitter output power will be 
reduced, hence this is a protective action. At point B the opposite 
is true and destruction of the final power amplifier could occur.
If voltage sampling had been used the output power would have risen 
when sampling a point A and fallen at point B. As the position of 
current or voltage maxima or minima are functions of the terminating 
impedance of the line and frequency of operation, either voltage or 
current sampling are unsatisfactory under general operating conditions.
4.4.1 Protection of conventional HF transmitters
A sample of the output signal is used by most transmitters to derive 
control signals proportional to the forward and reflected power. This 
is achieved using a directional coupler of which figure 4.5 is typical. 
Consider the coupler with points S and D opened when the transmitter is 
terminated into a matched load impedance. The two capacitive dividers 
produce in phase voltages proportional to the voltage on the output line. 
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voltage ’A* measured between Ceither end of) resistor R and ground that 
is produced by induced current flowing in the secondary of the current 
transformer. With the phasing shown the voltages at point S are in 
phase and therefore they add to give an output voltage of 2A to feed 
the detector diode. At point D the two voltages are equal in amplitude 
but 180° out of phase due to transformer action and cancellation occurs. 
Hence under matched conditions there will be no output from the right 
hand detector diode.
When a mismatch occurs voltage and current standing waves are 
produced, the voltage and current phasors at a disance d from the 
termination of a transmission line of characteristic impedance and 
length may be expressed as C4) :
VCd) = 4.1
1(d) = f  _ 4e-Yd) 4 . 2
o
where
is the peak voltage at the input to the line under 
matched conditions 
ÿ is the complex reflection coefficient
y is the propagation constant and is given by:
Y = a + jg
where
a is the line attenuation per unit length in nepers
3 is the line phase shift per unit length in radians
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The capacitive dividers in the coupler produce an output voltage V^Cd) 
and the current transformer develops a voltage V^Cd) where,
VyCd) = Ae^*’Ce^‘* + 4.3
and
Vj.Cd) = 4.4
At point these voltages are added in-phase to give an output V^Cd)
At point *D  ̂ these voltages add in anti-phase to give an output V^Cd). 
Thus,
V^Cd) = 2Ae-Y(t-d) 4.5
and
V^Cd) = 4.6
Thus, the output V^Cd) is independent of the reflection coefficient; 
if the line attenuation is assumed to be zero then (d) is always equal 
to 2A irrespective of the SWR for a constant power into the transmission 
line. This, signal, after rectification, may be used to provide a signal 
Vp (the forward voltage) proportional to the square root of the forward 
power from the transmitter. The difference signal V^Cd) is the product 
of the forward signal and the reflection coefficient hence, after 
rectification, it provides an output signal Cthe reverse voltage) 
proportional to the square root of the reverse power in the transmission 
line.
The two rectified outputs from the directional coupler may be used to 
provide the control signals necessary to protect the transmitter. Two 
forms of protection are generally required: protection against over­
driving the transmitter which may result in excessive distortion of the
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output signal and protection of the final stage power amplifier against 
mismatched loads.
To maintain the forward power of a transmitter within the linear 
capabilities of the final stage amplifier the forward voltage may be 
used as an input to an ALC loop C5) of which figure 4.6 is a simplified 
example. The maximum output power is determined by the pre-set 
reference voltage at the comparator. If the output power of the trans­
mitter exceeds the desired level the control circuitry acts to reduce 
the gain of a variable gain amplifier in the RF chain. A "fast up 
slow down" characteristic must be achieved by the loop to avoid 
envelope distortion.
To provide protection against mismatched loads the reverse voltage may 
be used to switch off the supply to the RF power amplifiers when the 
reflected power exceeds a predetermined level. Alternatively, reverse 
power protection may be incorporated into the ALC loop by summing a 
fixed portion of the reverse voltage to the forward voltage Cshown 
dotted in figure 4.6). If the transmitter is subjected to a mismatched 
load the addition of the two control signals causes the comparator 
threshold to be reached at a lower output power than if no mismatch 
were present and therefore the power is automatically reduced. The 
extent to which the output power is reduced depends on the design of 
the final stage amplifier, but a typical figure may be 3 dB for an SWR 
of two to one.
The advantage of incorporating the reverse power protection as part of 
the ALC loop is that the transmitter can continue to function if subjected 
to a high SWR albeit at reduced output power. For the case where the 
reverse voltage is used to remove the supply from the power amplifier
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the output level from the transmitter is not reduced in the event of 
a mismatch but the power amplifiers are completely disabled above a pre­
set reverse power level.
4.4.2 Output sampling and protection of Polar-loop Transmitters 
From the foregoing section it can be seen that a directional coupler 
is required in a Polar-Loop Transmitter to obtain a sample of the output 
signal which is unaffected by standing waves. A suitable directional 
coupler is shown in figure 4.7 in which voltages proportional to the 
sampled voltage and current are summed at the 500 resistor in accordance 
with equation 4.5. This coupler only supplies an RF feedback signal which 
is independent of any load mismatch presented to the transmitter.
Therefore no protection of the final stage amplifier is afforded in the 
event of a mismatch occurring. Furthermore, there is no automatic 
level control as the amplitude feedback loop always tries to increase 
the output power from the transmitter in response to the demands of 
the modulating signal.
Although an unrectified voltage proportional to the reflected signal 
on the transmission line may be obtained (by modifying the coupler) 
it cannot be summed with the forward sample to provide a simple means 
of reducing the transmitter power when a mismatch occurs. This is 
because the phase of the reverse voltage is determined by the phase of 
the reflection coefficient which can vary as a function of the mismatched 
load impedance. Consequently, the reverse voltage could either partially 
add or subtract from the forward signal depending on their relative 
phase.
In order to safeguard a Polar-loop Transmitter from being overdriven, 
or damaged when feeding a mismatched load a conventional ALC/protection 
circuit should be used as described in the previous section. The only
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difference in its implementation is the location of the variable gain 
RF amplifiers. If the amplifier is placed in the RF chain any changes 
in its gain would he opposed by a corresponding change in gain of the 
modulated amplifier under the control of the amplitude loop.
Power reduction may be achieved by positioning the variable gain 
amplifier in one of tr-zo places: either following the SSB generator or 
in the feedback path between the RF directional coupler and the resolver. 
Using the former method the input signal and signal to noise ratio at 
the input to the resolvers are reduced when there is a mismatch. When 
the variable gain amplifier is placed in the feedback path the input 
levels to the resolvers are preserved if the output is mismatched but 
any increase in the gain of the amplifier to reduce the transmitter 
output power will cause a corresponding increase in the amplitude loop 
gain. Consequently, care should be exercised with this approach to 
avoid possible loop instability.
4.5 Effects of an External Interfering Signal on an HF Polar—Loop 
Transmitter
Energy from an external interfering signal may cause a noticeable 
degradation in the output spectrum of a Polar-Loop Transmitter if a 
sufficiently large level reaches the resolver for the reasons described 
in chapter 3. However, the susceptibility of this type of transmitter 
to an external signal is significantly reduced if a directional coupler 
is used to supply the RF feedback voltage.
A directional coupler produces an output proportional to the signal 
travelling in one direction on a line and cancels signals in the 
opposite direction. Cancellation is never perfect and the extent to
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which an unwanted signal is reduced is known as the directivity of a 
coupler; at HF the directivity is typically 30 dB C6}. Therefore, when 
sampling the forward output from a Polar-Loop Transmitter a signal 
incident at the aerial will he attenuated by about 30 dB relative to 
the wanted output from the coupler. Consequently, the susceptibility 
of a transmitter to external signals is significantly reduced by the 
presence of the directional coupler.
The level of an interfering signal necessary to just cause a discernable 
degradation in the output of a Polar-Loop Transmitter depends on the 
amount of distortion initially produced by the transmitter. Measurements 
using the transmitter described in chapter 6 Cthe results of which are 
given in chapter 7) show that a degradation in the transmitted spectrum 
is just noticeable when an interfering carrier is 50 dB below the peak 
power of the wanted signal, measured at the input to the resolver.
Thus, measured at the transmitter output, the interfering signal must 
be less than approximately 20 dB below the wanted signal if the 
sampling is performed using a directional coupler.
Further attenuation of an interfering carrier may be provided by the IF 
filter and the harmonic filters if there is a large frequency separation 
between it and the wanted signal. Therefore, it is unlikely that an 
interfering carrier will be of sufficient magnitude to degrade the 
output spectrum of a Polar-Loop Transmitter under normal operating 
conditions.
Intermodulation products are still produced by the interaction of the 
wanted and interfering signals in the final stage power amplifier.
These spurious products propagate along the transmission line towards 
the aerial and are sampled by the directional coupler such that their
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level relative to the wanted output is preserved in the feedback signal. 
Consequently, if the frequency separation between the spurious inter­
modulation products and the wanted signal falls within the bandwidth 
of the two loops feedback action may reduce the distortion products at 
the output of the transmitter.
4.6 Experimental Broadband HF Polar-Loop Transmitter using an 
IE of 1.4 MHz
A basic broadband HF Polar—Loop Transmitter was constructed using a 
fixed frequency VCO above the highest output frequency (7). This 
configuration was chosen for its simplicity as it does not require a 
wideband frequency tracking loop. Figure 4.3 shows a block diagram 
of the transmitter; the translating frequencies were selected to be 
compatible with commercially available frequency synthesizers. An IF 
of 1.4 MHz was used as the majority of HF transmitters generate SSB 
at this frequency because the crystal filters in the SSB generators 
are easier to manufacture and appear to have lower intermodulation 
distortion than higher frequency filters (8).
The output of the VCO, after frequency translation, was used to drive 
a three stage broadband amplifier biased in class AB. The output stage 
following this amplifier consisted of two VMOS devices in push-pull 
which were capable of being gate modulated. A power in excess of 
20W PEP was available from this amplifier when operating from a 30 volt 
supply. After passing through a harmonic filter the output signal was 
sampled, attenuated and translated to 1.4 MHz to close the feedback 
loops.
l4 o
The phase and ampitude loops were designed to he first order with 
handwidths of 50 kHz and approximately 100 kHz respectively (the 
amplitude loop bandwidth varies with gain variations in the RF power 
amplifiers). These values were similar to those used in the fixed 
frequency Polar-Loop Transmitter described in chapter 3. Initial testing 
of the transmitter indicated that instability was occurring in both 
loops. Instability occurs if the open loop phase shift exceeds 180° 
whilst the open loop gain is greater than unity. Since the loop band- 
widths (and hence the loop gains) were similar to those used in the 
previous transmitter, which performed satisfactorily, it was concluded 
that additional excess phase shift was present in the broadband trans­
mitter.
The excess phase shift was primarily contributed by the high frequency 
poles of the filters used in the transmitter. Therefore, when determining 
the closed loop handwidths the presence of these poles must be taken 
into account. The phase shift of a signal at the output of a circuit 
relative to the input signal represents a time delay which is directly 
proportional to that phase shift. Hence by summing the individual 
time delays of every circuit it is possible to determine the effect on 
the stability of each loop.
The magnitude of the group delay of each circuit element within the 
loops is tabulated in table 4.2. The most significant source of time 
delay in both loops is caused by the down conversion filter (this is 
the name given to the filter which follows the mixer that translates 
a small fraction of the transmitter output to the IF). It is shown in 
chapter 5 that the time delay T (seconds! which just causes instability 
in either the amplitude or the phase loop is related to the delay—free 
bandwidth R CHz) of the loop by the equation
I4 l
Circuit Element
Time Delay - yuts I 
Phase Loop I Amp Loop I
Down Conversion Filter 5.40 1 5.40 I
VCO Tuned Buffer Amplifier 0.13 1 ---- 1
OP AMPs following Phase Detector 0.16 1 ---- 1
30MHz LPF following VCO Mixer 0.07 1 ---- 1
Transmitter Harmonic Filters 0.30 1 0.30 1
Total Time Delay 6.06 1 5.70 1
T ab le  4-,2 T\m e Delay in lb e  Feedback Loops
142
The phase loop had a bandwidth of 50 kHz and the amplitude loop approx­
imately 100 kHz which allowed maximum time delays of 5 jiS and 2.5 yS 
respectively. From table 4.2 it is evident that the delay due to the 
down conversion filter alone was greater than the maximum tolerable 
delay in each loop. Therefore,to ensure adequate stability margins 
either the loop handwidths had to be reduced or the down conversion 
filter modified to reduce its delay. Spurious emission would have been 
increased if the loop handwidths were reduced and therefore the down 
conversion filter was modified. The requirements of this filter are 
described in chapter 5.
The down conversion filter used for this transmitter consisted of a 
seventh order 0.5 dB ripple Chebychev low pass filter followed by a 
tuned transistor buffer amplifier. Most of the delay C4.55 yS) was 
introduced by the tuned buffer amplifier which was incorporated to 
reduce the level of the mixer products reaching the resolver that fall 
below 1.4 MHz. By reducing the Q of the tuned circuit its time delay 
was reduced to 0.4 yS which brought the overall delay in the phase and 
amplitude loops down to 1.96 yS and 1.6 yS respectively. This was 
within the limits for stable operation as defined by equation 4.7 for 
the loop handwidths originally selected. Satisfactory operation of the 
transmitter was then obtained without instability occurring in either 
loop. Further consideration is given to the problem of time delay in 
Polar-Loop Transmitters in chapter 5.
A further difficulty experienced with this transmitter was reference 
frequency Cl.4 MHz) leakage across the phase detector which produced 
spurious sidebands spaced 1.4 MHz either side of, and 45 dB below the 
PEP of the wanted output. In order to reduce the level of the leakage
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to greater than 70 dB below the wanted signal it was necessary to include 
a low pass filter after the phase detector. This filter, a third order 
500 kHz Butterworth design, contributed an additional 0.65 yS of delay 
in the phase loop. The total maximum phase loop delay was then 2.61 yS 
which was well below the value for instability.
Using the modulated VMOS amplifier as the final output stage, the third 
order products were more than 60 dB below the RF tones on a two tone 
test for an output power of 20W PEP. The conversion efficiency of the 
amplifier was 56% at this power level.
The power output was raised to lOOW PEP by following the VMOS amplifier 
with a single stage amplifier (operating without DC bias) consisting 
of a pair of CTC SI75-50 devices in push-pull. At lOOW PEP the third 
order products were 58 dB below the tones as shown in figure 4.8, and 
the conversion efficiency of the amplifier was 55%.
4.7 Conclusions
This chapter describes the basic requirements for HF Polar—Loop Trans­
mitters operating between 1.6 MHz and 30 MHz. Three transmitter 
configurations capable of continuous coverage of the frequency range 
are described. Two forms of the transmitter use variable frequency VCOs 
which require frequency tracking loops to aid acquisition of lock. The 
third approach uses a fixed frequency VCO above the transmission band 
and requires an additional translating frequency from the frequency 
synthesizer.
Each of the three forms of transmitter may be designed as low power 
exciters (in the same manner as the majority of conventional transmitters) 











broadband class C amplifiers may be used to maximize the conversion 
efficiency, the large harmonic output of these amplifiers significantly 
increase the output filtering requirements. Use of class B biasing gives 
a slightly lower efficiency but harmonic output is significantly reduced.
The transmitter output signal is sampled and converted to a fixed IF.
The primary characteristics of the feedback path are linearity and a 
constant attenuation as a function of frequency. Sampling of the output 
signal should be performed using a directional coupler to provide a 
feedback signal which is proportional to the forward output of the 
transmitter and independent of any reflected energy occurring due to 
load mismatch. Protection of the power amplifiers against mismatch 
or overdriving is obtained using a second directional coupler which 
drives conventional ALC and protection circuitry.
The use of a directional coupler to provide an RF feedback signal 
reduces the susceptibility of the transmitter to external interfering 
signals. At HF a directional coupler reduces unwanted external signals 
by approximately 30 dB which is sufficient to allow a Polar-Loop 
Transmitter to operate without degrading the output spectrum in almost 
any environment.
Satisfactory performance was obtained from a prototype broadband Polar- 
Loop Transmitter using a 1.4 MHz IF. At an output power of lOOW PEP 
the third order products were approximately 60 dB below the tones on a 
two tone test and the conversion efficiency of the final stage amplifier 
was 55%. However, difficulties were experienced with excess time delay 
in both loops and modulation of the VCO by reference frequency leakage 
from the phase detector.
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CHAPTER 5
TIME DELAY AND SPURIOUS RADIATION
Summary
This chapter examines the effect of time delay on the phase and 
amplitude loop dynamics. Subsequently, sources of spurious emission 
from HF Polar-Loop Transmitters are considered and the influence of 
the spurii on the choice of intermediate frequency.
5.1 Introduction
The excess phase shift introduced by filters within the transmitter 
adds to the phase shift around the amplitude and phase loops and reduces 
their respective stability margins. Therefore, allowance should be 
made for the effects of time delay when designing the transmitter.
If a signal f(t) is applied to a device exhibiting a pure time delay,
T, the output of that device will be a time shifted version of the 
input, f(t - T). The delay theorem of Laplace transformation states
L(f(t - T)) = exp C-TSlLCf(t)) 5.1
Thus, the analysis of a system with time delay requires the inclusion 
of the delay operator exp C-TS) when determining the system transfer 
function. The magnitude and phase characteristics of exp C-TS) are
Iexp(-TS)1 = 1  5.2
S«jco
arg (expC-TS!)g_j^ = - wT 5.3
i.e. the effect of time delay is to introduce a lagging phase shift 
proportional to frequency without changing the system gain.
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5.2 Effect of Time Delay in the Phase Loop
A simplified block diagram of a first order phase-locked loop is shown 
in figure 5.1. It is a unity feedback system consisting of an integrator 
and a loop gain K; figure 5.2 is a bode plot for this system. The 
integrator contributes -tt/2 radians phase shift irrespective of frequency 
and the open loop magnitude response falls at 6 dB/octave and is unity 
at a frequency B Hz, equal to the loop gain K. Excess phase shift 
introduced by high frequency poles reduces the stability margin as 
illustrated in figure 5.2. Instability will occur if the open loop 
phase shift exceeds 180° when the loop gain falls to unity. This occurs 
at a frequency of B Hz where the maximum excess phase shift is Tr/2 
radians. The corresponding time delay T is given by the expression
j  = 2ttBT 5.4
Thus,
 ̂ '  &  5-5
By using equation 5.5 the maximum time delay that may be tolerated for 
a given loop bandwidth may be determined. In order to calculate the 
closed loop dynamics for any value of time delay the following analysis 
may be used. Referring to figure 5.3,where
0^(s) is the phase of the input signal to the PLL
8g(s) is the phase of the output signal from the VCO
V^ is the phase detector error voltage
is the VCO constant, in rad/s/V 
is the phase detector constant in rad/V 
F(s) is the transfer function of the loop filter
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The error voltage from the phase detector and the output phase from 
the VCO are given by the following
V = (0.(s) - 0 (s))K 5.6e 1 o p
0 (s) = e F(s) 0 ^ V 5.7o b e
Thus,
-ST %v0 Cs) = e F(s) K (0.(s) - 0 (s)) 5.8O b p 1 o
re-arranging 5.8 gives the closed loop transfer function
—<5T0 Cs) K K F(s)e
^  = S
V  p
As a first order loop is used in these transmitters the loop filter 
F(s) is replaced by a stage of amplification, K^. The loop gain K which 
is equal to the bandwidth of a first order PLL is defined as
K = K K K, 5.10
V  p  A
Hence,
W ■ 77̂®
The closed loop poles are obtained by setting the characteristic equation, 
the denominator of equation 5.11, to zero, i.e.
—STS + Ke = 0 5.12
In order to proceed further it is necessary to use an approximation 
for exp (-TS) in the form of a Taylor series expansion, thus
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exp (-TS) = 1 - ST + (|y)2 - (|r)^ + ... +  ̂ 5.13
Substitution for exp (-TS) in the characteristic equation gives
S + K - ST + c|t )^ - c|y)^ + ...] - 0 5.14
re-arranging
rm2q2 Vt 3q 3
K + Cl - KT)S + + ... = 0  5.15
As a check, setting T = 0  in 5.15 gives S = -K, the closed loop band­
width in the delay free case.
Hence, the presence of time delay produces a system of theoretically 
infinite order, although in practice only two or three poles tend to 
dominate and so determine the closed loop response.
To enable a solution of the characteristic equation to be found a 
finite approximation to the Taylor series must be made. The order of 
approximation used depends on the accuracy required and how rapidly 
higher order terms decrease. This may be determined by examining the 
roots of successive higher order approximations as they tend to con­
verge to a fixed value.
A problem of using a series expansion of exp C-TS) in the characteristic 
equation is that both positive and negative roots may be generated 
indicating instability, although the closed loop response at that value 
of delay is stable. This apparent anomaly occurs because a finite 
approximation to the Taylor expansion has been made by truncation of 
the series above a predetermined order. The expansion also has negative 
terms indicating that some roots will be positive. In order to eliminate
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negative signs as discussed by Marshall (1) the characteristic equation, 
5.12, may be re-written as
S expC+ TS) + K = 0 5.16
The series for expCTS) is the same as that for exp (-TS) except all signs 
are positive. However this approximation may still yield some spurious 
positive roots because the series is truncated in order to obtain a 
solution of the characteristic equation. By using successively higher 
approximations for the exponential term in equations 5.15 or 5.16 the 
negative roots (the poles of the closed loop response) converge to 
fixed values as the accuracy of resolution increases. In contrast, due 
to the truncation of the exponential series, the positive roots change 
randomly with the order of the approximation (2).
A computer programme was written to solve equation 5.15 and the print­
out provides the roots of the characteristic equation as a function 
of delay and the corresponding natural frequency and damping ratio.
For clarity, the roots are printed in kilohertz rather than radians per 
second and positive roots are discarded. If all the roots are positive, 
instability is implied and the value of time delay at which it occurs 
is printed.
The 1.4 MHz IF transmitter had a phase loop bandwidth of 50 kHz in the 
absence of time delay; the effect on the closed loop poles caused by 
an increasing delay is shown by the computer print-out of table 5.1, 
and figure 5.4 is the corresponding root locus. A fifth order approx­
imation of the characteristic equation was used. With 0.2 yS delay the 
closed loop pole migrates from 50 kHz to 53.5 kHz and a second pole 
appears at 3.77 MHz. At approximately 1.1 yS delay the two poles 
converge and the roots become complex. In this breakaway region the
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First order phase locked loop
phase channel bandwidth without delay = 50*0 KH:
Phase channel with delay
Delay Roots of chas eouation (KHz) Nat Dampind
microsecs real imad real imad f re«y ratio
0*20 -53*5 0*0 -3766*2 0*0 ***** ****
0*40 -57*8 0*0 -1378*5 0*0 ***** ****
0*60 —63 * 5 0*0 -725*9 0*0 ***** ****
0*80 -71*7 0*0 -435*4 0*0 ***** ****
1*00 —85 * 6 0*0 -269*0 0*0 ***** ****
1*20 -130*8 29*3 -130*8 -29*3 134*0 0*98
1*40 -100*0 67*5 -100*0 -67*5 120*6 0*83
1*60 -78*4 77*3 -78*4 -77*3 110*1 0*71
1*80 -62*7 80*0 -62*7 —80 * 0 101*6 0*62
2*00 -50*7 79*7 -50*7 -79*7 94*5 0*54
2*20 -41*5 78*2 -41*5 -78*2 88*5 0*47
2*40 -34*2 76*1 -34*2 -76*1 83*4 0*41
2*60 -28*2 73*7 -28*2 -73*7 79*0 0*36
2*80 -23*4 71*3 -23*4 -71*3 75*1 0*31
3.00 -19*3 68*9 -19*3 -68*9 71*6 0*27
3*20 -16*0 66 * 6 — 16*0 —66 * 6 68 * 5 0*23
3*40 -13*1 64*4 -13*1 -64*4 65*7 0*20
3*60 -10*6 62*3 — 10*6 -62*3 63*2 0*17
3*80 -8*5 60*3 -8*5 —60 * 3 60*9 0*14
4*00 —6 * 6 58*5 —6 * 6 -58*5 58*8 0*11
4*20 -5*0 56*7 -5*0 —56 * 7 56*9 0*09
4*40 —3 * 6 55*0 —3 * 6 -55*0 55*1 0*07
4*60 -2*3 53*4 -2*3 -53*4 53*5 0*04
4*80 -1*2 51*9 -1*2 -51*9 52*0 0*02
5*00 -0*2 50*5 —0 * 2 -50*5 50*5 0*00
Instability occurs if time delay exceeds 5*00 microseconds






















effect of time delay is to effectively double the phase loop bandwidth
although the overall loop gain remains unchanged.
The total delay in the phase loop for the 1.4 MHz IF transmitter is 
approximately 2.6 yS. Thus, from table 5.1 the predicted dancing ratio 
is 0.36 and the natural frequency 79 kHz. Although the theoretical maximum 
time delay is 5 yS it may be seen that for a delay of only 2.6 yS the 
closed loop response is becoming quite oscillatory. If extra filtering
is used or a wider loop bandwidth is required stability margins would
become unacceptably small.
From the preceding discussion it may be seen that time delay restricts 
the DC gain and consequently the phase tracking ability of the loop.
5.3 Effect of Time Delay in the Amplitude Loop
A simplified block diagram of the envelope feedback system with time 
delay is shown in figure 5.5. In the absence of delay the loop will 
have a first order response, where the dominant pole in the system is 
the open loop pole of the operational amplifier. Figure 5.6 is a bode 
plot for this system without time delay. The phase shift caused by the 
pole of the operational amplifier will be 90° at the closed loop band­
width of the amplitude channel, giving a phase margin of 90°. The 
phase margin is the same as that in the phase loop and therefore the 
time delay at which instability occurs in the amplitude loop is also 
given by equation 5.5.
The effect of time delay on the closed loop response of the amplitude 
loop is calculated in a similar manner as for the phase loop. Referring 
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VjCs) isg(   the output signal from the differential amplifier 
The output voltage from the differential amplifier is given by
A 0)
VjCs) = (V^(s) - V^Cs)) 5.17







re—arranging gives the closed loop transfer function
VjCs)
v^TsT
since A K >> 1 o
A 0)
. -9. i> .
S + w + A Ko) e P o p
-ST
V 3 CS)




To find the poles of the closed loop transfer function the characteristic 
equation is set to zero. Thus,
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S + A Kw e = 0 5.22o p
“STexpanding e in a Taylor series gives
S^T^A Kw S^T^A Kw 
A Ko) + S(1 - A KTw ) + ----------  + ... = 0 5.23O p  O p 2 # j *
This expression is very similar to the corresponding expression for 
the phase loop (equation 5.15) and may be solved by the same computer 
programme.
The above analysis may be used to calculate the approximate closed loop 
response for the amplitude loop of the 1.4 MHz IF transmitter and the 
appropriate values of gain and delay are presented in figure 5.7.
The total loop gain, A^K, is 60.7 dB and the open loop pole of the 
operational amplifier is approximately 100 Hz. Therefore, the delay 
free loop bandwidth would be 10^^'^^^^.100, i.e. 108 kHz. A computer 
print-out of the locus of the closed loop poles of the amplitude loop 
as a function of time delay is shown in table 5.2 and the corresponding 
root locus diagram is presented in figure 5.8. Instability occurs at
2.3 yS as predicted by equation 5.5. The maximum time delay in the 
amplitude loop may be seen from figure 5.7 to be 1.6 pS. This corresponds 
to a natural frequency of 141 kHz and a damping ratio of only 0.19, 
which is a relatively oscillatory response.
It was assumed in table 5.2 that the amplitude loop bandwidth (in the 
absence of delay) was constant at 108 kHz. In a broadband system RF 
amplifiers often show some gain variation with frequency and consequently 
the closed loop bandwidth will change. It is therefore necessary to 
provide adequate stability margins for any such variations. Generally 
the lowest margins occur at the lowest output frequency (1.6 MHz) where 
























Amplitude channel without delay
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OP amp 0 / 1  dain = 90*0 db 
O P  amp 0 / 1  pole = 100*0 Hz 
total feedback = 29*3 db
amplitude channel bandwidth without delay 
Amplitude channel with delay
= 108*4 KHz
Delay Roots of char. eouation (KHz) Nat Dampind
microsecs real imad real imad f reoy ratio
0*10 — 116 * 6 0*0 -7289*8 0*0 ***** ****
0*20 -127*2 0*0 -2642*6 0*0 ***** ****
0*30 -141*5 0*0 -1373*0 0*0 ***** ****
0*40 -163*5 0*0 -804*3 0*0 ***** ****
0*50 -209*0 0*0 -464*1 0*0 ***** ****
0*60 -246*8 121*4 -246*8 -121*4 275*0 0*90
0*70 -187*5 161 *6 -187*5 -161*6 247*5 0*76
0*80 -146*0 172*4 -146*0 -172*4 225*9 0*65
0*90 -115*7 173*3 -115*7 -173*3 208*4 0*56
1*00 -92*8 170*2 -92*8 -170*2 193*9 0*48
1*10 -75* 1 165*4 -75* 1 -165*4 181 *6 0*41
1 *20 -61*1 159*8 —61 * 1 -159*8 171 *1 0*36
1*30 -49*8 154* 1 -49*8 -154*1 162*0 0*31
1*40 -40*6 148*6 -40*6 -148*6 154*0 0*26
1*50 -32*9 143*2 -32*9 -143*2 146*9 0*22
1*60 -26*4 138*0 — 26*4 -138*0 140*6 0.19
1 *70 -21 *0 133*2 -21 *0 -133*2 134*9 0*16
1 *80 — 16 * 3 128*7 -16*3 -128*7 129*7 0*13
1 *90 -12*3 124*4 -12*3 -124*4 125*0 0*10
2*00 -8*8 120*4 -8*8 -120*4 120*7 0*07
2*10 -5*7 1 j. 6 * 6 -5*7 -116*6 116*8 0*05
2*20 -3*0 113*1 -3*0 -113*1 113*1 0*03
2*30 “0 * 6 109*8 -0*6 -109*8 109*8 0*01
Instability occurs if time delay exceeds 2*30 microseconds
T a b le  5 -2 . E^JcxV o j Time D elqy o n  Closed L o o p  Poles q f kbe
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the lower cut off frequency of the harmonic filters. However, for a 
given loop gain the amplitude loop bandwidth may be controlled by 
varying the pole of the operational amplifier using a compensation 
capacitor. Thus, it is possible to set the open loop pole within a 
wide frequency range to achieve stable operation without adjusting the 
loop gain.
The effect of time delay is to place an undesirable restriction on both 
the phase and the amplitude loop bandwidth and therefore the transmitter 
should be configured such that delay is kept to a minimum.
Time delay in a Polar—Loop Transmitter is primarily caused by the high 
frequency poles of the RF filters.
5.4 Time Delay due to High Frequency Poles
Any filter consists of a number of poles and possibly zeros, and the 
characteristics of a filter may be defined in terms of magnitude, phase 
and delay from its transfer function.
The time delay is given by minus the slope of the phase—frequency 
characteristic and it is shown in Kuo C3) that for a filter with a 
transfer function H(s) of the form
m
n (S -
HCs) = — -------- : 5.24n
n Cs - p.) 
j=l j
with zeros at z^ = - ± jA^ and poles at p^ = - ± j3j, the envelope
delay, T, is given by:
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ra a . n a .
= - I — -----     + I — ----    5.25
1 = 1 + Cw ± 4^) j=l a? + Cw ± Bj)^
Thus the form of the delay versus frequency chaacteristic is the same 
for a pole or a zero except that a zero contributes 'negative* delay. 
However, zeros cannot exist in isolation in a physically realizable 
system. Use of equation 5.25 enables the delay of a filter to be 
evaluated at any frequency by summing the individual contributions of 
the poles and zeros. The normalised positions of the singularities for 
many types of filter are readily available (4) and a simple computer 
programme may be written to evaluate the delay of a chosen design. 
Practical measurement of time delay for the filters used in these trans­
mitters was determined using the arrangement of figure 5.9. A vector 
voltmeter was used to plot the phase-frequency characteristic of the 
filter and the time delay was obtained directly as minus the slope of 
the characteristic.
Examination of a block diagram of the transmitter reveals that any 
reduction in time delay will occur primarily through changes in the 
down conversion filtering Cas other filters are common to all designs). 
Therefore, the requirements of this filter should be considered as they 
will determine its time delay.
5.5 Down Conversion Filter Requirements
The function of the down conversion filter is to attenuate unwanted 
components appearing at the output of the mixer as these components may 
cause spurious radiation from the transmitter.
There are several sources of unwanted spurious radiation from a Polar— 
Loop Transmitter which are caused by feeding back a portion of the
I6j
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output signal. These sources are
1. Spurii due to the feeding back of transmitter harmonic 
energy at certain operating frequencies
2. Spurii due to leakage of the fed back signal across the 
down conversion mixer when operating near the IF
3. Spurii due to the image sideband of the down-converted 
signal
4. Spurii due to leakage of the synthesizer signal across 
the down conversion mixer
In each of the above four cases the same basic mechanism is involved. 
Spurious signals reaching the resolver cause unwanted frequency 
components to appear in the phase and amplitude loops. These components 
modulate the VCO and the modulated RF amplifier and thus produce 
spurious radiation from the transmitter. A more detailed consideration 
of this mechanism is given in Appendix F and practical results are 
described in chapter 7. Details of the individual sources of spurious 
emission from the transmitter are only summarized in the following 
sections.
5.6 Spurii due to Transmitter Harmonic Energy
Harmonics of the output frequency will be generated in the power 
amplifier and fed back to the down conversion mixer in the same manner 
as the wanted signal. Normally harmonics will not cause spurious 
outputs from the transmitter because they fall well away from the IF 
after frequency translation by the down conversion mixer. However, 
at certain frequencies these unwanted components fall at or near the
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IF. At the transmitter output there will be the wanted signal, f^, and 
the harmonic, Jf^. The synthesizer operates at + f^p, where 
f is the intermediate frequency. For harmonic mixing products to fall 
at the IF, the following condition must be satisfied
+ fip) - fiF 5-2G
Thus,
= y f î  S'Z?
For a 1.4 MHz IF substitution of different values of J in equation 5.27 
shows that J = 2 is the only condition which satisfies the above 
criteria in the frequency range 1.6  ̂ f^ ^ 30 MHz. Therefore, when 
transmitting at a frequency of 2.8 MHz the second harmonic, after 
mixing, will fall at the IF.
If the harmonic causes spurious radiation at certain operating 
frequencies then, for a given change in the transmitter frequency, 
the radiated spurii will suffer a frequency shift of (J - 1) times the 
change in frequency. Thus, spurii caused by the third harmonic will 
move relative to the wanted output signal at twice the tuning rate of 
the transmitter; higher order harmonics will only give rise to spurii 
over a relatively narrow band of frequencies before passing outside 
the respective loop bandwidths.
The effect of harmonic signals reaching the resolver is to produce 
unwanted frequency components either side of the fundamental output 
frequency. These spurii are separated in frequency from the wanted 
signal by the difference between the IF and the transmitted frequency. 
When the separation between the IF and the harmonic energy is within the 
bandwidth of the two loops, the maximum level of the spurii radiated
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by the transmitter (relative to the fundamental) is equal to the relative 
level of the harmonic component to the wanted IF signal. As the 
frequency separation between the IF and the harmonic signal increases 
the output spurii from the transmitter change as a function of the 
bandwidths of the two loops and the amplitude of the harmonic.
Filters will be present at the output of the transmitter to reduce 
harmonics to acceptable levels. The Radio Regulations (5) require 
that all harmonics are at least 40 dB below the level of the fundamental 
without exceeding a power of 50 mW. Assuming a figure of 40 dB is met, 
then the maximum relative levels of the spurii produced by the harmonic 
will also be approximately the same. Further improvements in harmonic 
filtering will lower the level of the spurii produced by the transmitter. 
High power low loss filters which are expensive to manufacture need not 
be used, as simple low power filters may be inserted into the feedback 
path to attenuate a specific harmonic before it reaches the down 
conversion mixer. The attenuation offered by the down conversion 
filter to harmonics falling close to the IF is minimal.
5.7 Spurii due to Leakage of the Fed Back Signal across the Down 
Conversion Mixer
The choice of IF for a Polar-Loop Transmitter is not restricted to 
frequencies (such as 1.4 MHz) which lie below the lowest transmission 
frequency. Satisfactory operation may be obtained using an IF within 
the output frequency range of the transmitter. However, spurii will 
be generated by the transmitter when the output frequency is close to 
the IF.
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Leakage of the fedback signal across the mixer will cause a small 
portion of this signal to appear at the input to the down conversion 
filter. As the frequency of this leakage signal is close to the IF, 
little attenuation will be offered by the filter. If the down conversion 
filter is of a low pass type, and the transmitted frequency is below 
the IF, it will provide no attenuation of the leakage signal.
The level of the output spurii are primarily dependent on the 
isolation provided by the down conversion mixer. Diode ring double 
balanced mixers that are used in the transmitter typically achieve an 
isolation of at least 55 dB between the input and output ports, with a 
conversion loss of 7 dB. Thus, the leakage signal will be 48 dB below 
the PEP of the wanted IF signal and therefore the maximum amplitude 
of the spurii radiated by the transmitter is approximately the same 
level relative to the output PEP. As the frequency difference between 
the mixer leakage and IF signals increases the level of the output 
spurii are modified by the amplitude and phase response of the two 
loops.
5 .8 Spurii due to the Image Sideband of the Down-Converted Signal 
The frequency synthesizer driving the down conversion mixer operates 
at a frequency f ^  + f^ where f^^ is the intermediate frequency and f^ 
is the transmitter output frequency. Sum and difference products from 
the mixer produce the wanted IF signal and an image component at a 
frequency f^^ + 2f^. The image signal will be attenuated by the down 
conversion filter and on reaching the resolver the image signal will 
result in an unwanted component at a frequency 2f^ in both the amplitude 
and phase loops. These signals will modulate the two loops and 
produce spurii which fall at the transmitter output frequency, and the
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third harmonic of the output frequency.
The unwanted frequency components will suffer attenuation due to the 
limited bandwidth of the amplitude and phase loops. The lowest 
operating frequency (1.6 MHz) is the worst case condition as the image 
signal is closest to the IF. If the amplitude and phase loops each have 
a first order response and a bandwidth of 100 kHz they will each provide 
30 dB of attenuation to the unwanted frequency component at 2f^ (3.2 MHz). 
Therefore, the down conversion filter should provide 30 dB of attenuation 
at the lowest image frequency if the spurii at the transmitter output 
are to be 60 dB below the fundamental.
In practice, the third harmonic of the transmitter will mask the spurii 
caused by the image sideband. A more serious constraint on the filtering 
requirements is imposed by synthesizer leakage across the down conversion 
mixer.
5.9 Spurii due to Leakage of the Synthesizer Signal across the 
Down Conversion Mixer
A practical mixer will not esdiibit perfect balance and therefore part
of the synthesizer signal will leak across the mixer and appear at the
input to the down conversion filter. The effect of this is to cause
spurious components to appear at the output of the transmitter in the
same manner as the image signal previously described. In this instance
the reduced separation between the IF and synthesizer frequency results
in a spurious component being generated at the second harmonic of the
transmitter output. However, the presence of the constant amplitude
leakage signal causes a more serious problem.
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Periodically during modulation the fed-hack portion of the transmitter 
output will fall helow the level of the synthesizer leakage component. 
Capture effects in the resolver limiter will then cause the unwanted 
synthesizer signal to suppress the wanted IF signal. This is exactly 
the same mechanism as is described in Chapter 3 for the case of an 
external interfering signal and the mechanism primarily determines the 
down conversion filtering requirements. The effect on the transmitted 
spectrum is to cause an increase in the level of distortion products 
about the wanted output frequency whose level is a function of the 
ançlitude of the leakage signal.
The degree of leakage suppression required, such that the output spectrum 
is not degraded, depends on the amount of distortion generated by the 
transmitter in the absence of the leakage signal. Measurements performed 
using the transmitter described in Chapter 6 indicated that on a two 
tone test with a 500 Hz tone separation a ratio of the IF signal to 
synthesizer leakage of 42 dB was required to cause a discernable degradation 
in the output spectrum. The 'cleanest* output spectrum of a Polar-Loop 
Transmitter occurs when transmitting white noise (or speech) which is 
bandlimited by the SSB generator. In these circumstances the level of 
the synthesizer leakage necessary to just degrade the spectrum was 50 dB 
below the PEP of the wanted IF signal.
The down conversion filter requirement is determined by the drive 
levels into the mixer and the mixer characteristics. For the transmitter 
described in Chapter 6 the synthesizer drive level was+13 dBm and that 
of the feedback signal was-15 dBm. These levels are similar in most 
Polar-Loop Transmitters to ensure good linearity. If the mixer has the 
same characteristic as given in section 5.7, 55 dB isolation and a 7 dB
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conversion loss, the ratio of the wanted signal to synthesizer leakage 
at the output of the mixer is 20 dB. The down conversion filter must 
therefore provide an additional 30 dB of attenuation at the synthesizer 
frequency if the residual leakage is to be 50 dB below the wanted signal 
at the input to the resolver. This requirement must be met when the 
transmitter is operating at the lowest output frequency where the 
separation betwen the intermediate and synthesizer frequencies is a 
minimum.
5.10 Choice of Intermediate Frequency
The considerations of the sources of spurious radiations discussed in
sections 5.6—5.9 will influence the choice of the IF and thus determine
the time delay of the down conversion filter.
The time delay of the down conversion filter is determined by the need
to provide approximately 30 dB of attenuation to the synthesizer leakage 
signal when the transmitter is operating at the lowest output frequency. 
Using equation 5.25 the delay through the filter may be evaluated by 
ascertaining the pole locations. It is simple to calculate the required 
order of a low pass filter for a given IF (6 ). When the order and type 
of filter are known the pole locations may be found (4) and used to 
evaluate the time delay.
A plot of the down conversion filter time delay as a function of the
intermediate frequency is shown in figure 5.10. The calculations
assume that Chebychev low pass filters are used with a ripple of 0.5 dB.
It may be seen from figure 5.10 that only relatively minor reductions
in the down conversion filter time delay are possible by raising the 
IF. This is because the reduced time delay obtained from a higher 









































delay due to the additional poles of filtering necessary to provide 
sufficient attenuation of the synthesizer leakage signal.
All potential IF’s will result in spurious signals being radiated at 
certain operating frequencies as a result of harmonic energy being fed 
back to the resolver. These effects may be reduced by additional 
filtering of troublesome harmonics.
The effects of harmonics may only be avoided by choosing a very low IF. 
From equation 5.27, for a lowest transmitted frequency of 1.6 MHz output 
spurii will be avoided if the IF is less than 800 kHz. A difficulty 
inherent with a low IF is that of reference frequency leakage across 
the phase detector which modulates the VCO. The resulting sidebands can 
be suppressed by filters following the phase detector. However, the 
time delay of these filters may form a major part of the overall delay 
in the phase loop. This problem was experienced in the 1.4 MHz IF 
transmitter described in Chapter 4.
Advantages may apparently be obtained by choosing an IF above the 
highest transmission frequency (30 MHz). For example, substitution 
in equation 5.27 shows that an IF of 32 MHz would only suffer problems 
from harmonics above the third. These harmonics would be heavily 
attenuated by the harmonic filters. As the transmitter does not operate 
at its IF this source of spurii would be overcome. Similarly, undesirable 
modulation of the VCO due to reference frequency leakage across the 
phase detector is suppressed by the high frequency roll-off of the 
phase loop response.
Unfortunately, such a high IF is not practical because of the complexity 
of the down conversion filter necessary in order to provide sufficient 
attenuation of the synthesizer leakage signal. Furthermore, it is
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difficult to achieve satisfactory resolver operation at these high 
frequencies because of the reduced limiter gain.
From the preceding discussion it may be seen that frequencies in the 
range of approximately 1.4 MHz to 10.7 MHz are most suitable for use 
as an IF. Above about 10.7 MHz the implementation of the filter becomes 
over complex and below 1.4 MHz the reference frequency leakage from the 
phase detector may cause excessive levels of spurious emission from the 
transmitter.
Harmonics will cause spurious emissions at certain operating frequencies. 
From equation 5.27 it may be seen that as the intermediate frequency 
falls the number of frequencies ifithin the transmission band at which 
spurious radiation occurs due to harmonics are reduced, and hence it is 
desirable to choose a low IF. If the IF is chosen below the lowest output 
frequency there will be no spurious radiation caused by leakage of the 
fedback signal across the down conversion mixer. However, at low 
frequencies spurii may be caused by reference frequency leakage from 
the phase detector. By following the phase detector with a suitable 
filter reference frequency leakage may be minimized. Either an active 
low pass filter or a notch filter (rather than a passive low pass type 
as was used in the transmitter described in section 4.6} may be used to 
provide sufficient reference frequency attenuation without introducing 
excessive time delay into the phase loop (7). Thus, it may be concluded 
that an IF below the lowest operating frequency is most appropriate for 
an HF Polar-Loop Transmitter. The lowest operating frequency of the 
majority of HF transmitters is 1.6 MHz and hence the commonly used SSB 
generation frequency of 1.4 MHz is most suitable as an intermediate 
frequency.
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The effect of time delay is to introduce excess phase shift in both the 
amplitude and the phase loops which may place an undesirable restriction 
on the respective closed loop bandwidths in order to maintain acceptable 
stability margins. The down conversion filter is one of the major 
contributors of time delay in both loops. Its requirements are defined 
by the lowest operating frequency of the transmitter. At this frequency 
the synthesizer leakage across the down conversion mixer should be 
suppressed such that at the output of the filter the leakage is greater 
than 50 dB below the PEP of the wanted IF signal; in these circumstances 
insignificant levels of spurious radiation will occur due to the capture 
effect in the resolver limiter on the synthesizer leakage signal.
Other significant sources of spurii can also occur through feeding back 
the transmitted signal. At certain frequencies harmonics of the 
transmitter output will fall near the IF after frequency translation 
by the down conversion mixer. These signals will modulate the amplitude 
and phase loops and cause spurious radiation from the transmitter. 
Similarly, when transmitting close to the IF spurii may be produced by 
leakage of the fedback signal across the down conversion mixer.
Low IF’s may result in unwanted signals being produced by the transmitter 
due to leakage of the reference frequency across the phase detector.
As the IF is increased the filtering action of the phase loop will reduce 
these spurii.
The most suitable IF for HF Polar-Loop Transmitters lies below the 
lowest transmitting frequency, which is 1.6 MHz in the majority of 
cases, therefore, the commonly used SSB generation frequency of 1.4 MHz 
is the most appropriate.
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POLAR-LOOP TRANSMITTER WITH A 10.7 MHz IF
Summary
This chapter describes a 10.7 MHz IF broadband Polar Loop Transmitter. 
Circuits are given together with a brief description of their operation. 
Initial setting up of this type of transmitter is also described.
6.1 Introduction
The stability margins of both the amplitude and the phase loops are 
significantly reduced by the presence of excessive time delay in the 
broadband 1.4 MHz IF transmitter described in chapter 4. The primary 
contributor of unwanted time delay in both loops is the down conversion 
filter. A further source of delay which is only present in the phase 
loop is introduced by the filter following the phase detector which 
provides reference frequency attenuation.
A means of reducing time delay from each of these sources is to increase 
the IF and figure 5.10 shows the time delay of the down conversion 
filter as a function of the IF. By raising the IF from 1.4 MHz to 
greater than 6 MHz a small reduction in delay is possible, but the 
major benefit of increasing the IF is obtained in the phase loop. The 
additional attenuation at the higher IF provided by the natural roll-off 
of the phase loop response allows the cut-off frequency of the filter 
following the phase detector to be increased thereby reducing its time 
delay.
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A broadband Polar-Loop Transmitter was designed with a standard IF of
10.7 MHz. This frequency is sufficiently high such that the attenuation 
provided by the phase loop will ensure that spurious radiation from the
transmitter caused by reference frequency (10.7 MHz) leakage from the
phase detector is greater than 75 dB below the wanted signal. No 
additional filter following the phase detector is required, which allows 
a reduction in time delay in the phase loop of approximately 0.65 pS 
compared with the 1.4 MHz IF transmitter.
As a result of raising the IF it is necessary to increase the down 
conversion filtering to provide sufficient attenuation of the synthesizer 
leakage signal. The transmitter described in this chapter employed a 
ninth order 0.5 dB ripple Chebychev filter followed by a tuned buffer 
amplifier. Raising the IF above 10.7 MHz requires a greater filter
complexity, which was considered prohibitive.
The configuration of the transmitter is the same as that of the
1.4 MHz.IF transmitter described briefly in chapter 4 in that it employs 
a fixed frequency VCO above the transmission band. A block diagram of 
the transmitter is shown in figure 6.1. The transmitter was designed 
as a low power exciter (2W PEP) to which further amplifiers could be 
added to increase the output power to any desired level. For the 
majority of the tests (described in chapter 7) an additional amplifier 
capable of producing up to 125W PEP was used.
6.2 VCO and Synthesizer Frequencies
As an IF of 10.7 MHz was selected the translating signal for the down 
conversion mixer must cover the range 12.3 MHz to 40.7 MHz if the 























corresponding frequency range of the associated synthesizer should be
chosen such that they operate above the highest transmitter output
frequency (30 MHz) to avoid possible spurious radiation through leakage
of these signals across the mixer. Furthermore, frequencies should be
selected to ensure that no mixer products of significant amplitude fall
within the operating frequency range of the transmitter. Suitable
frequencies were determined using a mixer intermodulation chart (1 ).
VCO frequencies between 30 MHz and 60 MHz were unsuitable as the third
order product (2f - f -) falls within the transmission band. ByVCO synth ^
selecting a VCO frequency of 6 6 MHz and a synthesizer operating in the
range 67.6 - 96 MHz the lowest frequency of the third order product
(2f - f ) was 36 MHz, when the transmitter output frequency wasVCO synth r n y
30 MHz. Adequate attenuation at 36 MHz was provided by the filter
following the mixer. A higher frequency VCO could have been used 
although the phase noise from both the VCO and synthesizer would have 
been greater.
A possible method of obtaining the two translating frequencies from . 
one variable frequency source is shown in figure 6.2. The fixed 
frequency source should have good frequency stability as any error will 
result in a corresponding change in the transmitter output frequency. 
Separate frequency synthesizers were used for this experimental trans­
mitter.
If the SSB generator operates on the upper sideband the output from 
the down conversion mixer must also be on the upper sideband for the 
phase loop to establish lock. The synthesizer driving this mixer is 
always higher in frequency than the transmitter output (by the IF) and 
consequently the transmitted signal will be on the opposite sideband 





















6.3 RF Power Amplifiers
A commercially manufactured CRacal) broadband RF power amplifier capable 
of producing 125W PEP was used in this transmitter. This amplifier 
consists of two discrete sections: a low power section designed to
amplify input signals of about 10 dBm to approximately 33 dBm, and a 
high power section which accepts this output and raises it to over 
50 dBm.
A single stage push-pull gate modulated VMOS amplifier was placed between 
the high and low power section. The power required from the VMOS 
amplifier was about 30-33 dBm, which was readily available when driven 
from the low power section. The low power section was itself driven 
by a buffer amplifier following the VCO mixer. A block diagram of the 
complete RF chain showing the appropriate power levels is shown in 
figure 6.3.
The transmitter was configured as a low power Polar-Loop exciter capable 
of producing up to 33 dBm from the modulated VMOS amplifier. The power 
could be increased to 50 dBm with the high power section of the Racal 
amplifier, or to any desired power level, using different amplifiers.
The use of a Racal RF amplifier necessitated operation in classes A and 
AB, with resultant poor efficiency which was reduced further by a voltage 
regulator incorporated in the design to provide a stabilized collector 
voltage. As a result the potential benefits of improved efficiency were 
not exploited in this prototype transmitter.

























SSB generation at 10.7 MHz is performed using the filter method to 
ensure good suppression of the unwanted sideband. An output of approx­
imately 0 dBm is produced to drive the resolver circuits.
A circuit diagram of the SSB generator is given in figure 6.4. An 
Anzac MD113 double balanced diode ring mixer is used in this generator.
The output from the mixer is fed via a 6 dB attenuator and impedance 
matching transformer to an 8 pole upper sideband crystal filter. An 
attenuator provides a predominantly real load impedance for the mixer 
at frequencies outside the filter passband where the filter has a large 
reactive component.
The filter suppresses the lower sideband by 65 dB and also provides 
about 10 dB of attenuation to the carrier leakage from the mixer. A 
further reduction in carrier leakage is achieved by improving the 
balance of the mixer using a variable DC offset voltage.
A two stage amplifier raises the output from the filter to 0 dBm PEP.
At this level the third order products from the SSB generator are 
always greater than 6 6 dB below the tones of a two tone test signal.
6.5 Polar Resolver
The polar resolver is configured using two Plessey SL624C multimode 
detector integrated circuits CiCs) designed for demodulation of SSB,
AM or FM signals C2); figure 6.5 is a block diagram of this IC. Each 
unit contains a limiting amplifier and a double balanced modulator.
Also present are two audio amplifiers although these circuits are not 
required for the resolver function. The limiter has about 70 dB of 






































It is internally connected to the double balanced modulator and this 
configuration forms a synchronous demodulator.
The closeness in matching of the resolver circuits and DC drift in the 
resolver and differential amplifier are particularly important in 
determining the output spectrum of a Polar-Loop Transmitter. Separate 
SL624C ICs were originally used for each resolver and good results were 
obtained with this arrangement. However, improved matching was obtained 
when the two separate ICs were formed on the same Silicon wafer as 
described in chapter 3. By mounting both devices onto a common sub­
strate contained within a single package very good tracking over a 
wide temperature range was possible. DC stability was assured by 
cross-coupling the balanced output of the two demodulators Cfigure 3.7),
A circuit diagram of the complete polar resolving circuit is shown in 
figure 6 .6 . Each limiter is driven at approximately 0 dBm PEP thereby 
providing good limiting action down to very low signal levels.
The demodulators are internally connected to the limiter outputs and 
externally fed with the modulated signals. In practice, distortion 
produced by overdriving the demodulators does not exactly cancel and 
will result in greater levels of spurii at the transmitter output.
An attenuator therefore precedes the input to the demodulator to prevent 
overdriving by the modulated signal.
The cross-coupled demodulator outputs feed the differential amplifier. 
Also connected across the inputs to the differential amplifier is a 
variable resistor, and its function is to compensate for the small input 
DC offset voltage of the differential amplifier. Adjustment of this 




















transmitter. The open loop pole of the differential camplifier may 
be altered using a compensating capacitor (C^ in figure 6 ,6 ). This, 
being the dominant pole, provides a convenient means of adjusting the 
amplitude loop bandwidth for a given loop gain. Because the gate of 
the VMOS amplifier presents a high impedance at low frequencies the 
differential amplifier is able to modulate it directly with no inter­
mediate circuitry.
6 . 6  Phase Detector
There are many forms of phase sensitive detector CPSD) that are suitable 
for use in Polar-Loop Transmitters, as described in chapter 3. This 
transmitter uses a sequential phase-frequency PSD, a Motorola type 
MC4044 C3)• The primary advantage of this type of PSD for this applic­
ation is the extended linear transfer characteristic which has a range 
of ± 360°, which is four times greater than the simple diode ring and 
exclusive—OR types and provides a correspondingly increased capture 
and lock range.
A circuit diagram of the phase detector is shown in figure 6.7. The 
PSD is driven by the phase component signals from the resolver limiters 
and interfacing between the limiters and the detector is performed by 
two TTL Schmitt trigger gates wired as inverters. This is necessary 
because the output of the limiters is insufficient to drive the phase 
detector directly. Feedback is applied around the first gate to 
increase its sensitivity and the second gate acts as a buffer and 
provides the detector with sharp-edged level transitions.
A charge pump incorporated within the MG4044 converts the digital output 











pump will not generally coincide with the required VCO control voltage, 
DC level shifting is necessary. This is achieved by the operational 
amplifiers following the phase detector which also provide a means of 
changing the loop gain. The gain-bandwidth product of these amplifiers 
is about 3 MHz and their closed loop gain is kept low to ensure that 
their closed loop poles do not contribute excessive time delay in the 
phase loop.
The measured constant of the PSD was 0.095 V/radian at 10.7 MHz.
6.7 66 MHz yCO and Buffer Amplifier
The primary requirements of the VCO are low phase noise output and good 
frequency stability. Satisfactory performance in these respects was 
obtained in this transmitter from a Colpitts type oscillator employing 
a PET in a grounded gate configuration. A FET was selected for both 
the VCO and the buffer amplifier because the internal capacitances of 
these devices are generally less sensitive to temperature than those of 
bipolar transistors C4). The type J309 FET used in this circuit has a 
very low noise figure in order to minimise the noise at the output 
introduced by the active devices. A circuit diagram of the VCO and 
buffer amplifier is shown in figure 6.8.
A high VCO constant of 200 kHz7volt at 66 MHz is achieved using a high 
capacitance ratio varactor diode. The high constant is required to 
obtain a loop bandwidth in the region of 100 kHz because of the 
comparatively low phase detector constant. Ideally, the frequency 
sensitivity of the VCO to variations in the control voltage should be 
kept to a minimum as a given noise voltage on this line would lead to 

















A plot of the VCO phase noise against frequency offset from 66 MHz is 
shown in figure 6.9. Within the loop bandwidth PLL action on the VCO 
noise has a high pass characteristic as a function of offset (5) and 
for the wide loop bandwidth used this effect significantly reduces the 
VCO noise appearing at the output of the transmitter to a level below 
that of other circuits, notably the limiters. Well outside the phase 
loop bandwidth the VCO noise is unaffected by the presence of the loop.
6.8 VCO Mi%er, Filter and Buffer Amplifier
The VCO mixer is used to translate the output of the VCO from 66 MHz to 
a frequency within the range of 1.6 MHz to 30 MHz. A diode ring mixer 
is fed from the VCO and a frequency synthesizer, see figure 6.10. The 
output from the synthesizer was chosen to be the high level switching 
signal, as in these circumstances small variations in the synthesizer 
drive level with frequency have little effect on the wanted signal from 
the mixer.
A 0.5 dB ripple ninth order Chebychev low pass filter following the 
mixer provides attenuation of frequency components above 30 MHz; 
figure 6.11 shows its frequency response. All spurii appearing after 
this filter are greater than 60 dB below the wanted output.
The output from the filter is raised in level by a low power broadband 



































6.9 Gate Modulated VMOS Amplifier
As described in chapter 3, gate modulated VMOS devices were found to 
be particularly suitable for use in modulated amplifiers at H? because 
good isolation is achievable, and their gain may be controlled directly 
by the output of the differential amplifier. A VMOS device type 
DV2840V is used for the modulated amplifier in this transmitter and it 
consists of two FETs mounted on a common substrate. The improved 
matching between the two FETs helps reduce even harmonics in a push-pull 
amplifier and can produce slightly higher gain. A circuit diagram of 
the complete modulated amplifier is shown in figure 6.12.
Neutralization is used to minimize phase component leakage. The 
neutralizing signal is obtained by cross-coupling the respective gates 
of each FET, via a neutralizing capacitor, to the drain of the other 
FET of the push-pull pair. Each capacitor is adjusted for minimum RF 
output leakage when the gate-source input is reverse biased by a negative 
control voltage.
No gate—drain negative feedback is used on this amplifier because phase 
component leakage through this path will occur. As a consequence of 
this lack of feedback tha amplifier’s gain and input impedance will vary 
as a function of frequency. Gain loss is automatically compensated for, 
within the amplifiers limits by an increase in the peak positive value of 
the gate control voltage. The input impedance without feedback is 
largely reactive and broadband matching is therefore a compromise.
A 1:4 impedance step-up transformer is used for best amplifier gain 
flatness. Provided the preceding amplifier is capable of driving a 
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The required output transformer ratio is calculated using the equation;
o
where is the load line of each FET, the saturation voltage -
about 3 volts, is the supply voltage and is the peak amplifier 
output power. A 20 volt supply was used as it was readily available 
from the Racal amplifier. For a maximum output power of 3 watts the
load line per FET will be 96 0. Thus a 4:1 impedance transformer was
used to match amplifier load to 50 &.
Modulation is applied to the FETs via an RF isolating resistor which
is of relatively low value in order that the pole formed by the resistor 
and the amplifier input capacitance will be much higher than the 
amplitude loop bandwidth. Consequently, little excess phase shift will 
be contributed to the amplitude loop from this source. For the same 
reason no additional decoupling or other capacitance should be connected 
to the amplifier input circuit.
6.10 Output Coupler
Coupling between the transmitter output and the feedback attenuators 
was performed with a current transformer wound on a toroid, figure 6.13. 
The primary of the transformer is effectively a single turn formed by 
passing the central conductor of a coaxial line through the centre of 
the toroid (the braid having been previously removed). The secondary 
consists of 31.5 turns wound around the toroid. For N secondary turns 
the coupling factor is given by 20 log N dB and hence this unit has a 
coupling factor of 30 dB. By loading the secondary with a 50 0 resistor 
the coupling factor was increased to 36 dB. Swept frequency measurements
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showed the response of the coupler to be flat over the entire HF range.
6.11 Down Conversion Unit
The function of the down conversion unit is to translate the transmitter 
output frequency to the intermediate frequency. The down conversion 
circuit must possess good linearity otherwise any distortion it introduces 
will appear at the output of the transmitter. Figure 6.14 is the circuit 
diagram of the down conversion unit.
A diode ring mixer is employed in this circuit. For optimum linearity 
a high synthesizer drive level C+13 dBm) and a low level C~13 dBm) 
feedback signal are used. Unfortunately, the conversion loss of this 
mixer (a Minicircuits SBL—l) is not constant in the range 1.6-30 MHz.
Thus, assuming the feedback attenuator remains fixed the output power 
of the transmitter will be altered by this change in conversion loss 
when a different operating frequency is selected. Suitable alternative 
mixers which do not have this disadvantage are the Minicircuits TAK-5 
and SRA3-H.
A DC bias is used to improve the balance of the mixer, thus increasing 
the input-output isolation. By appropriate adjustment of the variable 
balance resistor the leakage of the fedback signal across the mixer is 
reduced from 52 dB. to greater than 65 dB below the wanted output.
A 50 0 attenuator buffers the mixer and low pass filter thereby ensuring 
that the mixer is terminated in a real impedance at all frequencies.
The low pass filter is a ninth order 0.5 dB ripple Chevychev type with 
an input and output impedance of 50 Ü. Normalized impedance values 
for the filter were obtained from Zverev C6).
203











A two stage amplifier follows the filter. The second stage is tuned 
and has a loaded Q of 15 and provides useful additional attenuation at 
frequencies above and below 10.7 MHz without adding excessive time delay 
to the amplitude and phase loops. The overall delay at 10.7 MHz was
0.72 liS, of which 0.45 pS was contributed by the tuned amplifier.
Figure 6.15 shows the overall down conversion filter response. Only 
25 dB of attenuation was available at 12.3 MHz, the synthesizer frequency 
corresponding to the lowest transmit frequency of 1.6 MHz. Tests later 
showed this to be insufficient to overcome the problem of synthesizer 
leakage causing undesirable capture effects in the resolver limiter.
The linearity of the complete down conversion circuit is demonstrated 
in figure 6.16; the third order products are greater than 70 dB below 
the tones which is sufficiently low to cause virtually no degradation of 
the transmitter output spectrum.
6.12 Power Supplies
Circuits for the power supplies are not shown. The complete transmitter 
(with the exception of the Racal power amplifier) requires a 20 volt 
supply. Lower voltages are derived from the 20 volt supply using 
integrated circuit regulators. A negative 15 volt line necessary for the 
operational amplifiers is obtained from a commercial DC to DC convertor. 
The 125W power amplifier is fed by an unstabilized 35 volt supply which 











































All circuits were built on double sided printed circuit boards for low 
ground return impedance. Signal leads were kept as short as possible 
and the supply lines were well decoupled. The complete transmitter with 
the exception of the Racal power amplifier was housed in a 19 inch 
chassis and formed a low power exciter suitable for driving a variety 
of power amplifiers.
A diecast box shown in figure 6.17 houses the Polar-Loop circuitry.
The central compartment contains the resolver board (at the top of the 
photograph), the phase detector board and the 66 MHz VCO. In the right 
hand compartment ia the down conversion board. The left hand compartment 
contains the VCO mixex, 30 MHz low pass filter and broadband amplifier.
The gate modulating voltage from the differential amplifier, situated 
above the resolver chip, is fed via a short lead to the VMOS amplifier 
which- is built on a small heatsink sited adjacent to the diecast box.
6.14 Setting-up the Transmitter
Initial setting-up of the transmitter is carried out at low power by 
sampling after the VMOS modulated amplifier. The high power amplifier 
is disconnected to prevent it being overdriven or damaged during the 
setting-up procedure.
The phase loop is locked first: drive is applied from the SSB generator 
and the amplitude loop is disabled by removing the gate control voltage.
A low level sample of the transmitter output signal is applied to the 
down conversion mixer and the variable resistor on the phase detector 
board is then adjusted to obtain phase lock; once set this resistor 















Having established phase lock the amplitude loop may be checked. With 
the gate control voltage still disconnected the attenuator in the feed­
back path is set such that when the output from the VMOS amplifier is 
about 1.5W (sufficient to drive the high power amplifier) the output 
from the down conversion board is equal to the maximum drive level from 
the SSB generator. This defines the maximum output power from the 
transmitter for a given input signal from the SSB generator.
Following the attenuator adjustment the gate control voltage is connected 
to the VMOS amplifier and the transmitter should produce an output power 
of approximately 1.5W under the control of the amplitude loop. Adjust­
ment of the variable DC balance resistor on the resolver board is then 
required: using an oscilloscope, the resistor is adjusted to achieve
the best zero—crossings (for a two tone test signal), this corresponds 
to minimum output spurii. In order to achieve the lowest possible 
distortion it is preferable to use a spectrum analyser rather than an 
oscilloscope.
The testing of the loops is thus completed and the high power section 
of the Racal amplifier may be connected in circuit, together with an 
appropriate increase in the feedback attenuation. Any small adjustments 
of the output power are made using the variable attenuator situated 
at the input to the feedback signal demodulator on the resolver board.
6.15 Conclusions
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This chapter describes and discusses the results of tests carried out 
on the 10.7 MHz IF broadband Polar-Loop Transmitter.
7.1 Introduction
In this chapter the results of tests performed using the broadband 
10.7 MHz IF Polar-Loop Transmitter are described and discussed. The 
results were used to verify, where possible, the characteristics of this 
type of transmitter as described in earlier chapters.
7.2 Time Delay in the Phase and Amplitude Loops
The fixed time delays within the two loops are shown in table 7.1. 
Frequency dependent time delay is present in each loop which is 
introduced by the harmonic output filters. Two types of harmonic 
filter^used: simple low-pass pi output filters between the power 
amplifier and dummy load, and halfwave (double—pi) types in the feed­
back path. An additional source of time delay was present in the phase 
loop from the 30 MHz filter following the VCO mixer. This filter, 
being a Chebychev type, has a frequency dependent time delay due to 
its non-linear phase-frequency characteristic. The measured delay at 
three frequencies for the harmonic and 30 MHz low pass filters is shown 
in table 7.2. 18.24 MHz was chosen as many of the results to be
presented were made at this frequency where two crystal oscillators 
were available to replace the signal generators used for frequency 
translation.
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1 Circuits Introducing Fixed 
I Time Delay
Time Delay 
Phase Loop 1 “ !Amp Loop 1
1 Down Conversion Filter 0.72 1 0.72 1
1 VCO Tuned Buffer Amplifier 0.06 1 — —  1
1 OP AMPs following Phase Detector 0.25 1 — — 1
1 Total Fixed Delay in each Loop 1.03 1 0.72 1
Tüb\e 7A Fixed Time Delay in Vhe Feedback 
Loops
1 Circuits Introducing Frequency 1 
1 Dependent Time Delay I
Delay
1.6
- MS at Freq 
1 18.24 1
. o f  : 1 
30.0 1
1 Harmonic Filters 1 0.30 1 0.04 1 0.05 1
1 9th Ord, 30 MHz Chebychev Filter I 0.07 1 0.07 1 0.08 1
1 Freq. Dep. Delay in Phase Loop I 0.37 1 0.11 ! 0.13 1
1 Freq. Dep. Delay in Amp. Loop I 0.30 1 0.04 1 0.05 1
Table 7Z  Frecyjcncy DependenL Time Delay 
in Vhe FeadbacU Loops
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7.3 The Phase Loop
7.3.1 The phase loop without delay
The phase loop is nominally first order, assuming no time delay. The 
loop gain and therefore the loop bandwidth is given by the product of 
the VCO constant, K^, the phase detector constant, K^, and any gain, 
K^, following the phase detector. Other gains and losses within the 
loop do not affect the loop gain.
The parameters for this transmitter are:
= 1.26 Mrad/s/v (200 kHz7V)
K = 0.095 V/radP
K = 4.7a
Therefore, the delay-free loop bandwidth would be 561 krad/s (90 kHz). 
As significant time delay is present the actual closed loop bandwidth 
will be somewhat different from this value.
7.3.2 Phase loop bandwidth measurements
Practical measurements of the PLL bandwidth were made using the arrange­
ment of figure 7.1. The SSB generator was removed and the transmitter 
was driven via a hybrid which combines the outputs of a 10.7 MHz crystal 
oscillator and a variable frequency oscillator (VFO) capable of operation 
about 10.7 MHz. The output of the crystal oscillator was sufficient to 
fully drive the limiters, about 0 dBm, and the level from the VFO was 
set about 20 dB below this. In order to overcome the influence of the 
amplitude loop on the measurement the gate control voltage from the 
differential amplifier was removed and a DC voltage used to bias the 
VMOS amplifier. A spectrum analyser connected across the output of the 
















sidebands and the phase loop amplitude response was obtained by plotting 
the change in level of either of the sidebands as a function of the 
frequency offset of the VFO from 10.7 MHz.
The measured and calculated phase loop amplitude response at 1.6 MHz 
and 30 MHz are shown in figures 7.2 and 7.3 respectively, the calculated 
response being obtained using a computer programme Cdocumented in 
appendix G) which obtains the roots of the characteristic equation at a 
selected value of time delay.
There is good agreement between the measured and calculated results 
although some deviation does occur at higher frequency offsets which is 
due to the down conversion filter: because the measurements were made 
at the output of the transmitter and not at the input to the resolver 
the attenuation of this filter will cause the measured amplitude of the 
sidebands to become higher than the predicted values, with increasing 
frequency offset.
The calculated results at 30 MHz show that the time delay Cl*16 yS) 
has changed the closed loop pole from 90 kHz to a complex pole pair at 
-83.5 ± jl42.5 kHz, giving a damping ratio of 0.51. At 1.6 MHz the 
increased delay due to the harmonic filter results in a complex pole 
pair at -54.8 ± j134.5 kHz and a reduced damping ratio of 0.38.
7.4 The Amplitude Loop
7.4.1 The amplitude loop without time delay
The dominant pole of the amplitude loop is that of the open loop 
differential amplifier, making the system first order in the absence of 
time delay. In order to calculate the loop bandwidth, the gains and 
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The open loop DC gain, A^, and pole of the differential amplifier were 
measured using a gain/phase meter and found to be 82.7 dB and 30 Hz 
respectively.
The differential amplifier is driven by the resolver demodulators and
as the demodulators operate at a fixed frequency (the IF), their gain,
(dB), is constant and may be defined as
K - 20 1 I  ̂^ Pk to Pk level of one output of the demodulator ~|
d ~ |_Pk to Pk amplitude of the input signal to the resolver I
7.1
Cancellation of the demodulated SSB and fed back signals occurs at the 
cross-coupled outputs of the demodulators and the demodulator gain is 
therefore measured with an input to one half of the resolver only - 
that fed from the down conversion filter, as this demodulator incorporates 
a variable attenuator that would affect the gain. The measured gain of 
the resolver was -0.5 dB.
The remaining components within the amplitude loop constitute the RF 
circuits from the modulated amplifier through to the output of the 
down conversion filter and the 'gain factor’ of these circuits, (dB) 
(their contribution to the amplitude loop gain) is given by
„ = 20 1 I Pk to Pk output of down conversion filter I - «
s j^Pk to Pk gate modulating voltage J
The total amplitude loop DC gain, G^, in dB is given by
S  = + K j + K , 7 .3
and the measured value is plotted as a function of the transmitter 
operating frequency in figure 7.4. The change in the loop gain is 
approximately 5 dB between 1.6 MHz and 30 MHz and is primarily caused 






















attrib-utable to the change in conversion loss of the down conversion 
mixer. In the absence of time delay, the variation in the loop gain 
would cause a corresponding variation in the closed loop bandwidth, 
where the amplitude loop bandwidth, B (Hz), in this case would be
G_y20
B = 30.10 7.4
The average value of the amplitude loop gain is approximately 70 dB
and therefore the closed loop bandwidth would be 95 kHz. Equation 7.4
does not account for the time delay in the loop and the loop bandwidth
including the effects of time delay is given in the following section.
7.4.2 Amplitude loop bandwidth,measurements
In order to measure the frequency response of the amplitude loop the SSB 
generator was replaced by an AM generator driven from a low frequency 
oscillator. A DC voltage was applied to the varicap of the VCO to 
disable the phase loop. The amplitude modulation process produces two 
predominant sidebands about the carrier frequency and by plotting the 
level of either of these sidebands as a function of the oscillator 
frequency, the frequency response of the amplitude loop may be obtained.
Figures 7.5 and. 7.6 show the measured and calculated amplitude responses 
at 1.6 MHz and 30 MHz respectively. The calculated response was obtained 
using a computer programme documented in appendix G. There is close 
agreement between the measured and calculated results at 30 MHz, 
although at higher frequency offsets the measured response falls less 
steeply than the calculated response due to the effect of the down 

































At 1.6 MHz the agreement between the two sets of curves is less exact; 
this is partly due to synthesizer leakage across the down conversion 
mixer, the effects of which are more fully described in section 5.9.
When operating around 1.6 MHz the leakage signal causes the peak negative 
excursion of the gate control voltage to increase by about 0.2V, 
thereby decreasing the gain factor, K^.
A further cause of inaccuracy of the gain factor is the non-linearity of 
the transfer characteristic of the combined gate modulated amplifier 
and following 100 Watt amplifier, which may be seen by referring to 
figure 7.7; a normalized RF output of 1.0 corresponds to 200V peak to 
peak C.100W PEP into SOfi) . The RF output is a non-linear function of 
the gate voltage, especially at low output levels. However, the 
definition of equation 7.2 assumes a linear slope, but this is not the 
case, and the slope of the characteristic [and hence the gain factor) 
will be slightly higher than the value predicted by equation 7.2 over 
the majority of the control voltage swing.
Recalculation of the gain factor taking into account the effects of 
synthesizer leakage and the measured slope of the characteristic gives 
a result 1.6 dB greater than the original value. With the increased 
loop gain the dynamics change to produce the corrected response of 
figure 7.5 which shows reasonable agreement with the measured result.
7.4.3 Modulated amplifier characteristics
The non-linear gate modulation characteristics of figure 7.7 are 
linearized by the large amount of feedback used in this transmitter. 
Amplitude feedback operates by predistorting the gate control voltage 
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voltage when the transmitter was operating at 18.24 MHz and was driven 
to an output of 70W PEP hy a two tone test signal. The waveform is a 
good approximation to a full wave rectified signal, although it is 
somewhat ’sharper’ in the negative going region.
The peak positive and negative excursions of the gate control voltage 
and the isolation as a function of operating frequency for a two tone 
test signal input with a tone separation of 500 Hz are shown in 
figure 7.9. An isolation of about 50 dB is achieved across the HF band. 
Near 1.6 MHz the dotted line indicates an isolation of up to 60 dB 
being obtained, which is caused by the increased negative gate voltage 
excursion resulting from synthesizer leakage across the down conversion 
mixer as described in sections 5.9 and 7.9.
Considerably more than 50 dB of isolation may be obtained from the 
modulated amplifier at higher negative gate voltages, and the failure of 
the gate control voltage to go to the maximum negative supply voltage 
of the differential amplifier C“13 volts) may be explained by referring 
to figure 7.7. At very low RF outputs the slope of the modulation 
characteristic falls (for reasons explained in Appendix E) and hence the 
amplitude loop bandwidth will decrease. As the bandwidth decreases the 
loop becomes less able to respond to the higher frequency components of 
the gate modulating voltage and a point is reached whereby the gate 
voltage goes no further negative. The higher frequencies of the 
modulating waveform make up the sharp negative transitions. As the tone 
separation increases these higher frequencies will suffer progressively 
increasing attenuation and the negative excursion of the gate voltage 
will decrease. This also implies that the isolation is a function of 
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7.5 Transmitter Output Spectra
7.5.1 Transmitter distortion at full output power
The output spectrum of the transmitter at 18.24 MHz for a tone separation 
of 500 Hz and an output power of lOOW PEP is shown in figure 7.10; 
the third order products are approximately 57 dB below the tones and 
the spectra remain virtually the same irrespective of the operating 
frequency. The reason for this uniformity is that the output spectra 
are dominated by leakage of the phase component through the VMOS 
amplifier. As discussed in the previous section, the isolation is about 
50 dB across the HF band. Substitution for an isolation of 50 dB in 
equation 3.9 shows that the measured levels of spurii are in close 
agreement with the values expected due to phase leakage.
An improved output spectrum was obtained by temporarily replacing the 
linear amplifier following the VMOS stage for one operating in class C 
and figure 7.11 shows the resulting spectrum. Leakage is reduced and 
the additional distortion generated by the non-linearity of the amplifier 
is minimised by the large amount of phase and amplitude feedback.
7.5.2 Transmitter distortion at reduced output power
As the output power of the transmitter is reduced the peak positive 
value of the gate control voltage will decrease but the negative going 
excursion remains approximately constant (as described in Appendix E). 
Therefore, the amplitude of the phase component leakage remains constant, 
however, the output power from the transmitter is reduced and hence the 
relative level of the output power to leakage will decrease. This is 
illustrated in figure 7.12 for an output power of 10 Watts PEP.
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In general, the output spectra from this transmitter were marginally 
worse than those obtained from the Polar-Loop Transmitters described in 
chapters 3 and 4, due to leakage.
The reason for the poorer performance may be explained as follows: 
the modulated amplifiers in the earlier transmitters were delivering up 
to 20W PEP whereas in this transmitter the modulated amplifier was 
only required to produce about 2W PEP although VMOS devices of similar 
power rating were used in every case. Since the amplitude of the 
leakage signal from the VMOS was approximately constant (as described 
above), by operating the modulated amplifier at a reduced output power 
the relative levels of the wanted output to the leakage signal decreases 
and the output spectrum is degraded. Therefore, to obtain the cleanest 
output spectrum the modulated amplifier should be operated as near as 
possible to its full output power capability.
7.5.3 Transmitter distortion as a function of tone separation 
All the spectra presented thus far are for a tone separation of 500 Hz. 
Unlike a conventional linear transmitter the output spectrum of a Polar- 
Loop Transmitter will be dependent on the frequency separation of the 
audio modulating tones. Measurements of the output spurii were per­
formed for varying tone separations and a maximum separation of up to 
6 kHz was used, corresponding to independent sideband flSB) or DSB 
operation with two tones at the edge of the filter passband. For these 
tests a DSB generator was used to overcome the restricted bandwidth 
of the filter in the SSB generator.
The levels of the third, fifth and a higher order spurii, the seventeenth, 
are shown in figure 7.13, as a function of the HF tone separation. As
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the KF tone separation is reduced the output spurii from the transmitter 
decrease and the third order products are 63 dB below the tones at 
100 Hz separation. The improvement of the output spectrum (relative 
to the performance for a separation of 500 Hz) is due to the reduction 
in phase component leakage through the VMOS amplifier for the reason 
explained in section 7.4.3.
As the tone separation increases the levels of spurii from the transmitter 
will increase; figure 7.14 shows the output spectrum for a tone 
separation of 1.9 kHz. The lower order spurii are of comparatively low 
level hut some spreading of higher order products is evident. At a 
tone separation of 1.9 kHz the isolation was approximately 46 dB. Use 
of equation 3.9 indicates that the level of spurii are greater than the 
levels expected if the spurii were due to phase component leakage alone.
The amplitude of the lower order products is determined primarily by 
the amount of phase and amplitude feedback available to correct for the 
non-linearities of the RF amplifier, whilst the higher order products 
are caused by transient effects in the phase loop at the zero crossings 
of the RF signal as described in section 3.4.2. Equations 3.4 and 3.7 
were developed to estimate the amplitude of the spurious products 
generated by this latter mechanism, given the tone separation and the 
duration of the discontinuity on the VCO control voltage. The measured 
duration of the discontinuity was approximately 7 yS and thus, using 
equation 3.7, 0 is 2.4° for a tone separation of 1.9 kHz. Evaluating, 
equation 3.4 for 6 = 2.4° shows that the measured and calculated 
amplitudes of the higher order spurious products are in broad agreement 
(note : the calculated amplitude of the spurious products for 0 = 2 °  and 
0 = 3 °  are given in appendix B). There is some discrepancy between the 
measured and calculated results at approximately 20 kHz from the tones















which, is probably due to cancellation of the spurii due to leakage and 
phase transition distortion, the amplitudes of the individual products 
being similar at this frequency offset for tone separations of about 
2 kHz.
7.5.4 Transmitter distortion with KF tones of unequal amplitude 
A two tone test signal with two exactly equàl tones is the most stringent 
test for a Polar-Loop transmitter. In chapter 3 it was shown that even 
moderate differences in the relative amplitudes of the two tones would 
cause a significant reduction in the level of the amplitude and phase 
components; phase component leakage would not occur, and there are no 
instantaneous 180° phase transitions, the effect of which on the PLL is 
to cause some spectrum spreading.
It is interesting to demonstrate the collapse of the phase and amplitude 
spectra when the tones have different amplitudes: figures 7.15 and 7.16 
show the phase spectra and figures 7.17 and 7.18 the corresponding gate 
control voltage spectra for two tones of equal level and differing in 
amplitude by 3 dB respectively. The effect of a 3 dB difference in 
the amplitudes of the tones on the output spectrum of the transmitter 
is shown in figure 7.19 for a tone separation of 500 Hz in which no 
spreading is evident; there is only the carrier, a third and a fifth 
order product. The two small signals to the right of the carrier are 
the image sidebands which are incompletely suppressed by the SSB filter.
At higher tone separations the reduction of higher order distortion 
products is equally apparent. This is demonstrated by figure 7.20 
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Considering Che above results for both equal and unequal tones it is 
clear that some spreading of distortion products will occur if the 
transmitter is used for DSB operation since every audio tone will 
produce two RF tones exactly equal in amplitude. During SSB speech 
operation it is possible for RF tones to occur of equal amplitude and 
separated in frequency by up to about 2 kHz. The performance of the 
transmitter for two tones of equal amplitude and 2 kHz separation will 
not be representative of the performance of the transmitter during SSB 
speech operation if exactly equal RF tones occur infrequently and are 
of short duration. In order to assess the performance of the trans­
mitter with signals more representative of speech a series of white 
noise tests were performed.
7.5.5 White noise measurements
A form of complex signal which more closely approximates to a speech 
waveform is white noise. Although a recognised CCIR test (1) its use 
is not as widespread as the two tone test because it is easier to 
specify and interpret intermodulation measurements in terms of a single 
(usually) third order component rather than spreading of noise energy.
White noise is fed into the audio input of an SSB generator to produce 
a noise output bandlimited by the filter. The output will closely 
follow the filter characteristic if the distortion produced by the generator 
is small. When the transmitter is subject to the SSB white noise input 
the degree of spreading of the output signal provides a good indication 
of the intermodulation distortion that may be expected under speech 
conditions.
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The noise spectrum from the SSB generator is shown in figure 7.21, 
there is almost no detectable spreading as the generator was designed 
for ultra-low distortion. The corresponding noise output of the trans­
mitter Cas shown in figure 7.22} is little different from that of the 
SSB generator; the noise closely follows the filter skirts and there 
is only a small deviation near the noise floor of the spectrum analyser. 
It is interesting to note that when the 100 Watt linear amplifier 
(used in the transmitter) is operated without feedback and 
at the same output power, considerable spreading of intermodulation 
energy is evident, as demonstrated by figure 7,23.
These results are important in that they help to justify the use of 
this type of transmitter for speech signals. The absence of spreading 
suggests that a white noise signal does not produce wide spaced tones 
of equal amplitude for a large percentage of the time. This may be 
confirmed by examining the spectra of the gate control voltage and 
phase component when the transmitter is subject to a white noise input.
The spectrum of the gate control voltage is shown in figure 7.24. 
Comparison with figure 7.17 shows the amplitude of the noise to be at a 
lower level than the frequency components for two equal tones separated 
in frequency by 500 Hz.
The phase component spectrum for a white noise input is shown in 
figure 7.25 in which it may be seen that the noise is reduced by about 
60 dB in the region of the loop bandwidth. By comparison, referring 
back to figure 7.15, it may be seen that the amplitudes of the frequency 
components for two equal tones of 500 Hz separation are significantly 

















Honzonkol Scokz. - 2 KHz /P'v




HonzonVo\ Sco\g - Z K H g  IDiv













tàikm ft )> .(
V e r t i c a l  S c a l e  - t O d B / D i v .  
Hon*zontal Scol^- 6KW^/Pi%






Fiq7.25 SpccVrum of PViose Aodu\aFcd Garner
24j
Tests have also been carried out with this transmitter by using tape 
recorded speech and monitoring the output on a receiver possessing 
good selectivity. Transmission quality was very good and on switching 
the receiver to the opposite sideband there was virtual silence.
Listening to amateur radio SSB transmissions at a similar receive 
strength, and performing the same test always resulted in significant 
intermodulation noise in the adjacent channel.
From the preceding sections it may be concluded that the results obtained 
using a two tone test with tones of equal amplitude are not represen­
tative of the performance of an SSB Polar-Loop Transmitter when modulated 
by speech if the tone separation is greater than a few hundred Hertz.
7.6 The Effect of Harmonics on Transmitter Operation 
It was shown in section 5.6 that at certain operating frequencies 
specific harmonics can fall at or near the IF after frequency translation 
by the down conversion mixer and subsequent phase and amplitude loop 
action will result in spurious signals being produced at the output of 
the transmitter. Harmonic filters will attenuate the higher harmonics 
to very low levels, and only the second and third harmonics will be of 
significant amplitude to produce any spurii from the transmitter. Using 
equation 5.27, for a 10.7 MHz IF the operating frequency at which 
harmonic mixing products fall at the IF will be 21.4 MHz and 10.7 MHz 
due to the second and third harmonics respectively.
In order to understand how the transmitter responds to these signals 
the amplitude and phase loops should be considered separately. Their 
response to an interfering signal is described in appendix F and only 
summarized in the following sections.
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7.6.1 The response of tlxe amplitude loop to an interfering 
harmonic signal
A computer programme Cdescrihed in appendix G) was used to calculate 
the expected response of the amplitude loop to an interfering signal.
These results were compared with those obtained experimentally at just 
above 21.4 MHz. During these tests the transmitter was driven by a 
CW signal and the phase loop was disabled.
The measured and calculated responses are shown in figure 7.26 where 
0 dB corresponds to the level of the second harmonic which is approximately 
-38 dB relative to the carrier signal. At small frequency offsets 
between the interfering harmonic and the IF two symmetrical AM sidebands 
are produced about the carrier which are 6 dB below the level of the 
harmonic. As the frequency offset increases, the level of the sidebands 
changes in accordance with the amplitude response of the loop.
At the output of the down conversion filter the effect of the loop 
feedback is to reduce the amplitude of the interfering harmonic by 
6 dB due to partial cancellation by one of the AM sidebands. As the 
separation between the IF and the harmonic is increased, cancellation 
is reduced and outside the loop bandwidth the loop ceases to have any 
effect.
The measured amplitude of the interfering harmonic signal deviates from 
the calculated response at higher frequency offsets because the amplitude 
of the harmonic signal appearing at the resolver is progressively 
reduced by the increasing attenuation of the down conversion and 
harmonic filters. It can be seen from figure 7.26 that the two 
symmetrical sidebands either side of the carrier are in close agreement 
with the calculated curve irrespective of filtering. The reason for 
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the amplitude and the phase loop, in which, at higher frequencies, the 
slope of their amplitude responses measured at the output of the 
transmitter fall less steeply than the calculated values hy an amount 
approximately equal to the attenuation of the down conversion filter. 
For the case under consideration Cin figure 7.26) the interfering 
harmonic input to the loop is reduced hy the same filtering levels, 
thereby returning the response to its calculated curve.
7.6.2 The response of the phase loop to an interfering 
harmonic signal
The response of the phase loop to an interfering signal is very similar 
to that of the amplitude loop. At small frequency offsets between the 
interfering harmonic and the IF two symmetrical FM sidebands are 
produced about the carrier which are 6 dB below the level of the 
harmonic. These sidebands, although of equal amplitude, are opposite 
in phase. As the frequency offset increases, the phase and amplitude 
of the sidebands change in accordance with the Bode response of the 
phase loop.
At the output of the down conversion filter the effect of the loop 
feedback is to reduce the amplitude of the interfering harmonic by 6 dB 
due to partial cancellation by one of the FM sidebands. As the separation 
between the IF and the harmonic is increased, cancellation is reduced 
and well outside the loop bandwidth the loop ceases to have any effect.
Figure 7.27 shows the measured and calculated responses for the phase 

















7.6.3 The combined effects of both loops in response to an 
interfering harmonic signal
The resolver splits an input signal into its separate amplitude and
phase components, thus the phase component will be obtained irrespective
of variations in amplitude and vice versa. Therefore, the two loops
operate independently of each other and their combined response to an
interfering signal may be found by vector addition of the individual
responses of each loop.
The combined response of both loops may be explained using figure 7.28. 
An interfering signal of amplitude B dB below the carrier is present 
Cahove the IF) at the output of the down conversion filter. In response 
to this signal both loops produce a pair of symmetrical sidebands (.with 
a phase as indicated by the arrows) which are initially 6 dB below the 
level of the interfering signal. The combined effect of both loops as 
seen from the output of the transmitter will be to produce a lower side­
band at a level equal to the harmonic, whereas the upper sidebands, 
being of opposite phase, will cancel. The transmitter output signal 
is then sampled, attenuated and down converted to the IF (where the 
sidebands are reversed by the mixing process) resulting in the lower 
sideband cancelling the interfering signal at the output of the down 
conversion mixer.
As the frequency separation between the IF and the interfering signal 
is increased the amplitude and phase responses of each loop must be 
considered. Their effects are evaluated by the computer programme 
documented in appendix G.
The measured and calculated results are given in figure 7.29 where 0 dB 
corresponds to the level of the second harmonic of 21.4 MHz, which is 
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very good and confirms the independent nature of the operation of each 
loop. Some discrepancy exists between the results for the 'cancelling* 
upper sidebands as measured at the output of the transmitter. This is 
probably due to slight differences in the measured and calculated Bode 
responses of each loop, small changes of which can cause a large change 
in the level of the 'cancelled* sideband.
7.6.4 The effect of the third harmonic on the transmitter spectrum 
when transmitting close to the intermediate frequency
When operating close to the IF the third harmonic of the transmitter
will fall near 10.7 MHz after frequency translation by the down conversion
mixer. The response of the transmitter to the interfering third harmonic
will be almost identical to that obtained at 21.4 MHz due to the second
harmonic. There will be small changes in the levels of the spurii
because of the differing time delay, phase and amplitude loop responses,
and any differences in harmonic attenuation.
7.7 Leakage of the Fed Back Signal Across the Down Conversion Mixer 
The response of the transmitter to leakage of the output signal across 
the down conversion mixer is ttie. same as that for an interfering 
harmonic. The level of the leakage is determined by the isolation 
provided by the down conversion mixer and figure 7.30 shows the output 
spectrum of the transmitter when operating at approximately 10.698 MHz. 
The leakage products are 52 dR below the tones, corresponding to a 
mixer isolation of about 58 dB.
Greater isolation may be achieved by applying a DC bias to the mixer 
diodes to improve the mixer balance. By this means the leakage was 
reduced from 52 dB to 65 dB, although the adjustment of the balance 





















7.8 The Response of the Transmitter to an External Interfering Signal 
Tests were performed to demonstrate the effect of an interfering carrier 
on the output spectrum of the Polar-Loop Transmitter for two cases; 
firstly, where the transmitter was radiating a single carrier, to 
determine the level of the intermodulation distortion products produced 
by the interaction between the wanted and interfering carriers as a 
function of their tone separation. Secondly, where the transmitter was 
modulated by a two tone test signal to show the degradation in the output 
spectrum caused when the interfering carrier periodically exceeds the 
level of the wanted output. A feedback signal for the Polar-Loop 
Transmitter was derived using a current sampler and therefore the same 
relative level of wanted and interfering signals as measured at the 
output of the transmitter were fed back to the resolver.
For the purposes of the tests the lOOW amplifier section of the trans­
mitter was removed and the output signal was taken from the 2W VMOS mod­
ulated amplifier. The lOOW amplifier was then driven from a synthesizer 
to provide the interfering carrier source. The tests were performed at 
a frequency of 18.24 MHz using the experimental arrangement shown in 
figure 7.31.
7.8.1 CW tests
The VMOS amplifier was initially driven without amplitude or phase feed­
back to determine the amount of distortion that was produced in the 
presence of the wanted and interfering carriers. This is shown in 
figure 7.32 for an interfering carrier which is 15 dB below the wanted 
signal. Phase and amplitude feedback was reapplied and measurements 
were made of the spurii levels resulting from different frequency 
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When the two carriers are separated by 1 kHz the output spectrum is as 
shown in figure 7.33 Cfor a relative difference in amplitude of 15 dB 
before the application of feedback); the intermodulation products are 
significantly lower than those without feedback. As the frequency 
separation between the wanted and interfering carriers is increased the 
effects of the amplitude and phase characteristics of each loop and the 
reducing amount of feedback cause the output distortion from the trans­
mitter to rise. Above a frequency separation of about 20 kHz Capprox- 
imately a tenth, of the bandwidth of the two loops) the distortion 
exceeds that produced when no feedback is applied. Figure 7.34 shows 
the output spectrum for a carrier separation of 100 kHz in which the 
higher order products are significantly higker in level than they were 
before feedback was applied. If the frequency separation is greater 
than the loop bandwidths the response of each loop to the interfering 
carrier is progressively reduced and the distortion products tend to 
their level prior to the application of feedback. When the interfering 
carrier is 1 MHz below the wanted signal (see figure 7.35) the inter­
modulation levels are similar to those of figure 7.32 where no feedback 
is used.
The computer programme described in appendix G used to calculate the level 
of spurious outputs from the transmitter, caused by harmonics or mixer 
leakage, may also be used to calculate the suppression of the interfering 
carrier as a function of its offset from the wanted frequency, together 
with the suppression of the higher frequency third order product (for an 
interfering carrier which is lower in frequency than the wanted signal). 
The amplitudes of the other distortion products cannot be estimated 
because the simple analysis used (see appendix F) assumes that the 
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one pair of sidebands are produced by the loops in response to the 
unwanted signal. Figure 7.36 shows the calculated signal amplitudes 
together with the measured values ; the level of the lower frequency 
third order product is also shown for comparative purposes and 0 dB 
corresponds to the level of the interfering signal. No significant 
deviation between the measured and calculated results is noticeable 
below about 100 kHz where the output from the transmitter is dominated 
by products produced by the two loops in response to the interfering 
signal. Above this frequency each component tends to its level before 
feedback was applied.
The amplitude of a given distortion product reaches a maximum when its 
frequency offset from the wanted carrier approaches the bandwidth of the 
two loops Cabout 200 kHz). In this region the phase shift in each loop 
approaches 90° and instead of partially cancelling, the frequency 
components produced by each loop tend to add. Thus in figure 7.36, the 
level of the higher frequency third order product is a maximum at 
approximately 200 kHz whilst that of the lower frequency product is 
produced at an interfering carrier offset of 100 kHz where the third 
order product is also 200 kHz from the wanted carrier.
The results described in this section were obtained using a Polar-Loop 
Transmitter employing a current sampler to provide a sample of the 
output signal. A current sampler preserves the relative levels of the 
wanted, interfering and intermodulation products in the feedback path 
as measured in the output signal. Therefore, sidebands which are large 
in both number and amplitude are produced from the transmitter primarily 
in response to the modulation due to the interfering carrier appearing 
in the two loops. For small frequency offsets from the wanted carrier 
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However, at higlier offsets phase shifts in the loops reduce the effective­
ness of the cancellation and the spurious output from the transmitter 
increases.
In a practical transmitter a directional coupler would be used to sample 
the output signal. Intermodulation products produced in the output 
circuit of the final stage amplifier have their level, relative to the 
wanted signal, preserved in the fed back signal from the coupler and as 
a result, the loops will act to reduce the amplitude of these products. 
However, the coupler reduces the level of the interfering carrier relative 
to tha wanted carrier in the sampled output by approximately 30 dB.
Thus, it is expected that at higher interfering frequency offsets (within 
the loop bandwidths) the high levels of the spurious outputs caused by 
the action of the loops in response to the interfering carrier may be 
reduced, although the distortion is likely to be greater than that with­
out feedback.
7.8.2 The response of a modulated Polar—Loop Transmitter to an 
interfering signal
For these tests a two tone test signal was used to modulate the Polar-Loop 
Transmitter and an unmodulated carrier formed the interfering carrier.
As the amplitude of the interfering carrier is increased a point is 
reached where the distortion from the transmitter begins to increase.
This point depends on the initial distortion from the transmitter and 
in tests, increased spurious output was just detectable at 75 dB below 
the tones when the interfering carrier was approximately 42 dB below 
the PEP of the Polar-Loop Transmitter as measured at the output of the 
down conversion filter for a two tone separation of 500 Hz.
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Increasing the level of the interfering carrier causes spurious outputs 
to be produced by the transmitter over a wide frequency range. Figure 
7.37 shows the output spectrum of the Polar-Loop Transmitter at 18.24 MHz 
when the interfering carrier is 1.6 MHz above this frequency and 36 dB 
below the PEP of the wanted signal as measured at the output of the down 
conversion filter, the spurious frequency components extend to approx­
imately 50 kHz either side of the wanted signal before falling to greater 
than 70 dB below the tones.
In section 3.4.8, equations 3.14 and 3.15 were introduced to provide an 
estimate of the spurious radiation produced by a Polar-Loop Transmitter 
in response to an interfering carrier reaching the resolver. For an 
interfering carrier which is 36 dB below the peak power of the Polar- 
Loop Transmitter the value of 9 Cusing equation 3.15) is 1.8°. The 
amplitude of the spurious frequency components for 0 = 2° are given in 
Appendix D and it may be seen that the average level of the higher order 
spurii are about 65 dB below the tones compared with the measured results 
of approximately 60 dB, as shown in figure 7.37. The difference is 
assumed to he caused by the approximation used in deriving equation 3.14 
which does not account for the additional time required for the phase 
loop to re-establish lock when the wanted signal exceeds the level of 
the interfering signal.
7.9 Low Frequency Operation of the Transmitter
When operating below approximately 1.8 MHz increased levels of distortion 
products were produced by the transmitter, reaching a maximum at 1.6 MHz, 
the lowest output frequency. The distortion was caused by the capture 
effect in the limiter of the feedback resolver when the level of the 
synthesizer leakage signal exceeded that of the wanted IF signal. This
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mechanism is the same as that for an external interfering carrier and 
the amplitude of the distortion products produced for a given level of 
carrier signal are the same.
When operating at 1.6 MHz the level of the synthesizer leakage measured 
at the input to the resolver was 36 dB below the peak power of the wanted 
signal and the resulting two tone output spectrum is shown in figure 
7.38. It may be seen that the output spectrum is very similar to that 
of figure 7.37, for an interfering carrier 36 dB below the peak power 
of the transmitter. On a two tone test the level of the synthesizer 
leakage required to just cause a discernable degradation in the output 
spectrum of the transmitter was 42 dB below the peak power; in the 
case of white noise the figure was 50 dB. Therefore, to ensure satis­
factory operation at 1.6 MHz a further 14 dB of attenuation of the 
synthesizer leakage is required.
The amount of synthesizer leakage appearing at the resolver depends on 
the characteristics of the down conversion mixer, its drive levels and 
the attenuation of the following filter. At a synthesizer frequency of
12.3 MHz (corresponding to a transmitter frequency of 1.6 MHz) the 
filter supplied only 25 dB of attenuation and therefore the relative 
levels of the wanted and synthesizer signals at the output of the mixer 
were only 11 dB. Based on the drive levels of the mixer used in this 
transmitter (see section 6.11) the corresponding mixer isolation was 
approximately 44 dB.
A subsequent version of the down conversion civcoA was able to suppress 
the synthesizer leakage by 60 dB without introducing any additional 
circuit complexity, thereby allowing satisfactory operation at 1.6 MHz.
By slightly lowering the cut-off frequency of the low pass filter used 
in the down conversion filter an additional 12 dB of attenuation was
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obtained at 12.3 MHz for an increased delay of only 0.1 pS. Furthermore, 
through the use of an improved mixer CMinicircuits TAK-5) the mixer 
isolation was increased to approximately 56 dB.
When discussing the modulated amplifier characteristics in section 7.4.3 
it was stated that the negative excursion of the gate control voltage 
was such as to produce an apparent isolation from the modulated amplifier 
of approximately 60 dB, significantly greater than at higher frequencies 
where the isolation averaged about 50 dB. The increased isolation was 
caused by the response of the amplitude loop to the synthesizer leakage 
(in a manner similar to an external interfering carrier as described in 
section 3.4.8). By using the improved down conversion circuitry described 
above, the synthesizer leakage problem was overcome and the true modulator 
isolation was found to be 52 dB at 1.6 MHz, a figure that is in agree­
ment with the values obtained at higher frequencies.
7.10 Noise Measurements
Noise will be generated by a transmitter and radiated from the aerial.
This noise may cause difficulties for a receiver sited in close proximity 
to a transmitter; the receiver may be desensitized or blocked, especially 
when its frequency separation from the transmitter is small. Noise may 
be separated into two components: wideband noise from KF power amplifiers 
which may extend several MHz either side of the carrier frequency, and 
narrowband noise from the exciter. Initially narrowband noise is 
dominant but as the frequency offset from the carrier is increased it is 
attenuated by the high frequency roll-off of the tuned circuits within 
the exciter and the overall noise tends- to that of the RF amplifiers.
Every effort is made to reduce exciter noise as it will be amplified 
by the cascaded linear power amplifiers in a conventional transmitter.
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The Polar-Loop Transmitter will not affect the wideband noise produced 
by RF amplifiers which must he minimized by careful design. However, 
by supplying a high VCO drive level the gain and therefore the noise 
contribution of the power amplifiers may be reduced compared with a 
conventional transmitter. Close-in noise performance is determined by 
the two loops and this has been measured.
The limited dynamic range of a spectrum analyser is insufficient to allow 
the close in noise of the transmitter to be measured directly. In order 
to measure the noise the arrangement shown in figure 7.39 is used.
The carrier from the transmitter is attenuated by the filter enabling 
the transmitter noise falling within the filter bandwidth to be measured 
by increasing the sensitivity of the spectrum analyser. A Hewlett- 
Packard 8640B was used as the translating oscillator which has a phase 
noise performance at least 15 dB better than the units under test.
The noise performance of the transmitter shown in figure 7.40 was 
measured at 18.24 MHz, for which frequency crystal oscillators were 
available to replace the frequency synthesizers used for frequency 
translation. A crystal oscillator was also used to drive the transmitter 
in place of the SSB generator.
The phase noise is approximately flat at -123 dBc/Hz to about 200 kHz where­
upon it falls due to the high frequency roll-off in both the phase and 
the amplitude loops. Also shown in figure 7.40 is the estimated VCO 
phase noise contribution to the total transmitter output noise which 
is reduced from its open loop levels (given in figure 6.9). by the error 
response of the phase loop (obtained using the computer programme 
described in appendix G). It may be seen that the closed loop noise 
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The primary source of unwanted noise in both loops is caused by the 
limiters in the resolver circuits; a level of approximately -127 dBc/Hz 
was measured for offsets from the carrier frequency in the range 10 kHz 
to greater than 1 MHz. Thus, the combined effect of the limiters in 
the forward and feedback paths is to produce an almost constant noise 
output from the transmitter of -124 dBc7Hz which is attenuated above 
about 200 kHz by the falling high frequency response of the two loops. 
Furthermore, noise appearing at the output of the transmitter which is 
introduced by the SSB generator is similarly reduced outside the loop 
bandwidths.
When the transmitter was driven from an SSB generator with a noise per­
formance as shown in figure 7.40 there was almost no change in the total 
output noise. A typical phase noise specification for a complete HF 
transmitter is also shown in figure 7.40; the Polar-Loop Transmitter 
easily meets the specification at low frequency offsets from the carrier 
because crystal oscillators were used for frequency translating sources. 
In a practical transmitter the VCO noise from the synthesizers would be 
dominant in this region. At higher frequency offsets the transmitter 
does not meet the specification primarily because of the limiter noise. 
The noise introduced by the limiters is considered excessive; by way of 
comparison measurements using a Mullard TAA 350 limiter produced a noise 
level of about -137 dBc/Hz, 10 dB less than that of the SL624C limiters 
in the resolver integrated circuit. Therefore a significant reduction 
in the overall transmitter output noise may be obtained by using low 
noise limiting amplifiers in the resolver. Moreover, by careful design 
of circuits within each loop and also the SSB generator, the transmitter 
may be expected to meet the noise specification at all offsets from the 
carrier.
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7.11 The Effects of Standing Waves on the Transmitter
In the previously described tests a simple current sampler was used to 
obtain the feedback signal, an arrangement which is unsatisfactory if 
the transmitter is required to feed a mismatched load or is subjected 
to external interfering carriers of high level. A simple directional 
coupler similar to that shown in figure 4.7 was therefore constructed 
and used to test the operation of the transmitter into a mismatched load,
Intermodulation distortion measurements were performed with the trans­
mitter operating at SOW PEP into an SWR of up to two—to-one. No 
degradation in the output spectrum or change in output power was 
noticeable. In order to check the linearity at a higher SWR the lOOW 
power amplifier stage was removed and the VMOS amplifier was driven into 
a mismatched load. There was no increase in distortion and virtually 
no change in the output power under all conditions of mismatch.
7.12 The Effects of Temperature oh the Transmitter Performance 
The transmitter was operated for a period of several months and no 
difficulties due to DC drift in the resolver and differential amplifier 
circuits were experienced.
When the operating temperature of the transmitter was increased there 
was no tendency for the output spectrum to change; these measurements 
were made up to a temperature of 65°C. Furthermore, any tendency of the 




The measurements presented in this chapter show that the distortion 
produced by the transmitter may be significantly less than that generated 
by a conventional transmitter, and that this performance can be maintained 
over a wide range of temperatures.
On a two tone test with a 500 Hz tone separation the third order products 
were typically 57 dB below the tones when operating at lOOW PEP. The 
limiting factor in determining the output spectrum at tone separations 
of less than about 2 kHz was leakage of the phase modulated carrier 
through the modulated amplifier, although, by operating this amplifier 
closer to its maximum output capability its isolation could be improved.
As the tone separation was increased the leakage from the transmitter 
also increased, although for tone separations above about 2 kHz the 
dominant mechanism in determining the output spectrum was the disturbance 
to the phase loop produced by the instantaneous 180° phase transition at 
the zero crossings of the SSB signal.
Tests using SSB white noise showed that the transmitter output spectrum 
was only marginally worse than the spectrum from the SSB generator and 
it is concluded that white noise measurements provide a better indication 
than the two tone test of the distortion that may be expected from a 
Polar-Loop Transmitter for SSB speech operation. The low distortion . 
from the transmitter was subsequently confirmed by monitoring an SSB 
speech signal on a high quality receiver.
The response of the transmitter to leakage of the fed back and synthesizer 
signals across the down conversion mixer and to harmonic signals has been 
demonstrated and the measured amplitude of the spurii caused by these 
signals was in reasonable agreement with the predicted values. Whilst
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spurious emissions due to harmonics may be reduced by appropriate 
filtering those caused by leakage of the fed back signal when operating 
near the IF are limited by the isolation provided by the mixer and it 
is concluded that an IF outside the transmitting frequency range is 
desirable. The mechanism causing distortion of the transmitted signal 
due to synthesizer leakage is the same as that for external interfering 
carriers and it causes spreading of the transmitted spectrum, although 
by appropriate design the susceptibility of the transmitter to these 
sources of spurious radiation may be reduced to negligible levels.
Intermodulation distortion produced in the transmitter due to an 
external interfering carrier was shown to be reduced by feedback action 
provided the frequency offset of a given product was within the bandwidth 
of the feedback loops. The ability of a Polar-Loop Transmitter to reduce 
these intermodulation products is thought to be of limited practical 
value at HF, where the bandwidths of the feedback loops are restricted 
by time delay.
Noise from the transmitter was reduced at increasing frequency offsets 
from the carrier due to the falling high frequency response of the 
feedback loops. The principal source of noise was that introduced by the 
resolver limiters; by using improved limiters and by careful design of 
the other circuits within each loop a significant reduction in the trans­
mitter output noise should be possible.
2?4
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This thesis has examined the application of a high frequency form of 
transmitter using the Polar-Loop Technique which is capable of achieving 
high linearity whilst still maintaining good conversion efficiency.
In the majority of applications the linearity of a transmitter is
considered to be a more important requirement than efficiency, making
the transmitter a poor convertor of DC into RF energy. Negative feed­
back may be applied in an attempt to improve linearity, but only a 
moderate amount may be used before either instability or an unacceptable 
loss of gain occurs.
In contrast, with the Polar-Loop Principle a large amount of negative 
feedback may be applied without causing instability or reducing the 
gain of the RF amplifiers. The method by which this is attained is 
based on the resolution of the modulated RF signal into its polar co­
ordinate form to produce separate phase and amplitude components which 
are proportional to the instantaneous phase and instantaneous amplitude 
of the RF signal respectively. Stable operation is achieved because 
the bandwidth of the phase and amplitude feedback loops are much lower 
than the bandwidths of the RF circuits, and consequently, the excess 
phase shift introduced into the two loops by the RF stages is small.
As a large amount of feedback may be applied the susceptibility of the 
output spectrum to non-linearity introduced by the KF circuits is
greatly reduced and it is possible to operate the RF amplifier in class C,
so as to achieve high efficiency. Furthermore, a regulated supply is
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not required for the RF amplifiers and therefore losses inherent in 
regulator circuits need not degrade the efficiency of a Polar-Loop 
Transmitter.
Although the benefits of improved efficiency and linearity are made 
possible by the application of a large amount of negative feedback, 
feedback will not, of itself, correct for any non-linearity or DC drift 
within the resolver circuits, thus the ability to obtain and maintain 
the linearity of the transmitter is limited by the polar resolver 
circuitry. By using a custom designed IC containing two resolver cir­
cuits mounted on a common substrate within a single package excellent 
matching and long term stability was achieved.
In addition to DC drift and non-linearity of the resolver several 
sources of spurious radiation have been identified (chapter 3) that 
degrade the output spectrum, which have been caused primarily by the 
following:
1* limitations in the method of separation and recombination 
of the phase and amplitude components,
and
2. external interfering carriers.
In the former case, by appropriate design of the transmitter, excellent 
linearity may be achieved; in the latter case, the susceptibility of the 
transmitter to interfering carriers is significantly reduced by sampling 
the output signal using a directional coupler. A second advantage of 
the directional coupler is that the sampled signal is independent of 
standing waves in the output circuit.
277
The Polar-Loop Technique is readily applicable to HF SSB transmitters 
of all power levels, and this type of transmitter may be designed as a 
low power exciter (following current HF practice) to which additional 
power amplifiers may be added as required.
High power amplifiers may be operated in class C for applications where 
conversion efficiency is a prime requirement. If broadband amplifiers 
are used the harmonic suppression from the amplifiers will be poor, 
thus, for broadband amplifiers class B biasing is preferable because 
this class of operation offers significantly reduced harmonic output 
with only a small loss of conversion efficiency, thereby easing the 
output filtering requirements.
In the application of the Polar-Loop Transmitter to HF transmitters 
a number of design problems were encountered, the most significant 
being:
1. time delay in the feedback loop
and
2. further sources of spurious radiation
At HF, time delay introduced by the RF circuits places an undesirable 
restriction on the bandwidth of the feedback loops in order to maintain 
adequate stability margins. However, for SSB speech operation 
satisfactory results could be achieved with phase and amplitude loop 
bandwidths in the region of 100 kHz (before modification by the presence 
of time delay).
The principal sources of spurious radiation (identified in chapter 5) 
are caused by:
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1. feeding back transmitter harmonic energy at certain 
operating frequencies,
2. leakage of the fedback signal across the down 
conversion mixer,
3. leakage of the synthesizer signal across the down 
conversion mixer, and
4. reference frequency leakage from the phase detector.
These spurious emissions determine the selection of IF, and for trans­
mitters with a lowest output frequency of 1.6 MHz it was concluded that 
the most appropriate choice of IF is 1.4 MHz.
A lOOW broadband HF transmitter capable of operating between 1.6 MHz 
and 30 MHz was constructed to assess the performance and identify any 
problems associated with the application of the Polar-Loop Technique to 
HF systems (chapter 6). At full output power the third order products 
from this transmitter were typically 57 dB below the tones on a two 
tone test for a tone separation of 500 Hz, irrespective of the operating 
frequency.
The limiting factor in determining the transmitter output spectrum at 
tone separations of less than approximately 2 kHz was found to be phase 
component leakage, which can be reduced by operating the modulated 
amplifier closer to its maximum output capability. For higher tone 
separations the limiting factor was the inability of the phase loop 
to track the instantaneous 180° phase transitions occurring at the zero 
crossings of the SSB signal.
SSB white noise tests were also used to characterise the distortion 
produced by the transmitter; there was virtually no spreading of 
intermodulation energy from the transmitter outside the filter passband
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of the SSB generator and monitoring tests subsequently confirmed this 
result for SSB speech. From these results it was concluded that whilst 
a two tone test signal may provide a useful indication of the performance 
that may be expected from conventional linear transmitters the same 
was not true of transmitters based on the Polar-Loop Principle if the 
tone separation greatly exceeds about 500 Hz.
In conclusion, this thesis has demonstrated that it is possible to 
design high frequency SSB transmitters which offer linearity and 
efficiency in excess of that obtainable from existing linear transmitters 
without significantly increasing the circuit complexity. It is unlikely 
that the Type 1 form of Polar-Loop Transmitter will replace certain 
existing transmitters that operate with signals of wider bandwidth 
(such as ISB or DSB) due to the limited bandwidth of the feedback loops. 
However, the Type 1 Polar-Loop Transmitter configuration is particularly 
applicable to transmitters employing narrowband modulation schemes, 
such as SSB speech, and in which a high DC to RF conversion efficiency 
is a prime requirement, for example, for portable and distress trans­
mitters.
8.2 Suggestions for Further Work
There are several areas in which further work should be concentrated.
In particular the effect on the phase loop of the instantaneous 180° 
phase transitions occurring at the zero crossings of the SSB signal.
On a practical level further work could be performed on the implementation 
of an HF Polar-Loop Transmitter employing a VHF or UHF VCO capable of 
operating over a 30 MHz range as outlined in section 4.2.2. An important 
feature of this configuration is that only one variable frequency source
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is required Gin order to translate the output signal to the IF).
However, further work should be primarily directed in adapting the 
Polar-Loop Technique to overcome the major difficulties associated with 
the Type 1 configuration at HF:
1. restrictions of the bandwidth of the feedback loops 
caused by time delay
2. lower spectral purity when transmitteing signals of 
wider bandwidth than SSB speech, and
3. leakage to the output of the phase modulated carrier.
A form of Polar-Loop configuration which overcomes the difficulties 
cited above is called a Type 2 Polar-Loop Transmitter in which feedback 
in polar coordinate form is applied around a conventional exciter- 
linear amplifier transmitter. Preliminary work has been carried out on 
a broadband HF transmitter of this type and the relevant details are 




REPRESENTATION OF AN SSB SIGNAL IN POLAR COORDINATE TORN.
An analytical expression for an SSB signal may be derived by considering 
the phase shift method of generating the signal. Thus an expression for 
the upper sideband is given by
r(t) = m(t) cos ü)̂ t - H|m(t)Jsin w^t A. 1
where is the angular frequency of the carrier signal, m(t) the 
modulating signal and Ĥ m(.t)J the Hilbert transform of m(t) .
The above expression can also be written in the form
r(t) = A(t) cos ĵcôt + (})Ct)j A.2
where A(t) and ^Ct) represent the instantaneous amplitude and phase of 
the SSB signal respectively. The functions A(t) and ^(t) are the 
components of r(t) expressed in polar coordinate form.
The amplitude function A(t) is given by
A(t) = (m^Ct) + H j^mCt)J^}^ A.3
and the phase function ^(t) by
4,Ct) = tan-l A. 4
If the modulating signal consists of two sinusoidal components of 
amplitudes E^ and E^ and angular frequencies and ^2 , as illustrated 
vectorially in figure A.l, then m(t) can be written as
m(t) = E^ cos w^t + E^ cos W2 t A.5
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and
H jm(t)J = sin + E^ sin A.6
The amplitude function A(t) is now given by 
A(t) = KE^ cos w^t + E^ cos
+ (E^ sin U3̂ t + Eg sin Wgt)^^ A.7
which reduces to
k2
A. 8A(t) = + 2 ^  cos(w2 -
^2Writing p = —  and = Wg ^Ct) becomes
2 1 A(t) = E^Cl + p + 2 pcos w^t)^ A.9
When the two components of the modulating signal are of equal amplitude, 
p is unity and A(t) becomes
Ü) t
ACt) = 2E^ I cos —^  I A. 10
which represents a full-wave rectified sinusoid of frequency w^72.
The amplitude function ACt) is shown in figurée A.2, plotted against the
phase displacement w^t over the range 0 to 2tt for several values of p.
The frequency spectrum of the amplitude corçonent ACt) is obtained by
expanding equation A.9 in a Fourier series (1). Thus



















A^(p) = 2(-l)n r l(3)...(2n-l)1/p'\ n f -1 , 1 / p \ 2[  iTi J [ 2 j • liiPT* T ô r n y  [ 2 j
. V lC3)...C2k-3) (2n+l)(2n+3)...(2n+2k~3) 2k]
k=2 kl 2^^ (n+1) Cn+2).. . (n+k)  ̂ J
A. 12
When p is equal to one, the amplitude component A(t) becomes a series 
of rectified cosine waves and in terms of the Fourier series is given 
by C2)
4E r «> (-1)^ cos nw.t 1
ACt) = 1 - 2  I ------ g-----^
L n=l (2n) - 1 J
A. 13
The spectrum of ACt) for different values of p is plotted in figure A.3.
The phase component of the SSB signal expressed in terms of the angle 
0Ctl which the amplitude component ACt) makes with the signal component 
is given by
#Cc) = üĵ t + eCt) A. 14
From the vector diagram of figure A.l it may be seen that
e C t )  =  t a n " ^  ^E^ + E^ cos Wjt
1 P sin 03-t
= tan     A. 151 + P cos 03jt
Hence
,  p  sin 0 3 , t
H t )  =  W i t  +  t a n -  1 +  p  c o s  w , t  ^ . 1 6
The phase function 8Ct) is shown in figure A.4 plotted against the 























































The frequency spectrum of 6(t) is obtained by expanding equation A.15 
in a Fourier series (1).
Thus
0Ct) = Y C sin nwjt A. 17
nil “
where
C = C-1)^"^^ —  A. 18n n
The spectrum of 0Ct) for different values of p is shown in figure A.5.
An expression for rCt) in terms of the Fourier series of A(t) and 4>(t) 
may now he written as
rCt) = A(t)Rt A. 19
Substituting for ÿ(t] gives
A. 20rCt) = ACt)Re ^n
= ACt)Re |ejGwc+Wi)t J[ I J (C 1 A.21L n=l m=-<« ™  ̂ J
where J CC ) is a Bessel function of the first kind of order m and m n
argument C^.
rCt) = A(t) n y J (C ) cos (u) + 0), + nmo ,)t A. 22
„=1 TO— » “ " =  ̂ ^
Substituting for A(t) gives
Ct) = y A^Cp) cos nw^t X
n=0





? j ?  , T f ? 






























Equation A.23 may be simplified in the special case when the modulating 




2 2 1 - sgn (cos -f-) A.24
The last term of equation A.24 represents a periodic phase change between 
0 and IT radians at a frequency of w^/2, and is equivalent to square wave 
modulation of an imaginary carrier of frequency + (w^ + Wg)/?. 
Therefore, an expression for an SSB signal in polar coordinate form may 
be written as
4E,





The second term of equation A,25 represents the phase modulated carrier 
which may be written as a product of a carrier and a square wave 
modulating signal of angular frequency w^/2 and unit amplitude. An 
expression for the SSB signal may therefore be written as
4E.
rCt) =
» (-1)^ cos nw.t
1 - 2  I -------,------
n=l (2n)" - 1
;  i .
/ n\n+l W.t / UU + W




1. Corrington, M.S., "frequency modulation distortion caused by
common and adjacent channel interference", RCA Review, 7, 
December 1946, pp.522-560.
2. Kuo, F.F., "Network Analysis and Synthesis", John Wiley,
Second Edition, 1966, pp.51-52.
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APPENDIX B
SPURIOUS EUISSIOU CAUSED RY TUE LOSS OF FREQUENCY 
LOCK AT THE ZERO CROSS TUGS OF UOnUIATEl) RF SIGNAL
This appendix covers the derivation of equations 3.4-3.7 introduced in 
section 3.4.2 to determine the distortion produced by a Polar-Loop 
Transmitter at the zero crossings of a two tone signal.
The spurious emissions occurring at the zero crossings have been modelled 
by considering a discontinuous low frequency sinusoid. By multiplying 
the low frequency signal by a high frequency carrier a double sideband 
suppressed carrier waveform is produced, which may be considered 
equivalent to a two tone SSB signal. The low frequency sinusoid of 
period T is depicted in figure B.l, where 'a' is the duration of the 
'missing' portion of the waveform. When multiplied by the carrier 
signal the waveform of figure B.2 results, where 0 is the angle traversed 
in a time 'a' seconds.
As the waveform, f(.t), of figure B.l has no symmetry there will be













Fig. B . 2  Distorh'oh o j hhe Two Tone 
E w c l o p c  by hhe Disconhnuity on 
the VCO Control Volhage.
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where
X is an arbitrary point in time 
T = 2n/w, the period of fCt)
The resultant magnitude, C^, of the sine and cosine terms is given by
C = CA^ + B.3n n n
From figure B.l,
fCt) = sin wt B.4
for
Ta < t < -J B.5
and
-2 3. < t < T B.6
where 9 is defined as
9 = ao) B . 7
Considering firstly, terms in
2 7 T/2 2 f— J  sin wt cos nwt dt + - J
T
A^ = I j sin wt cos nwt dt B.8
l !  • Î /,T L.dt B.9
I -
where
L = sinCl + n)wt + sinCl - n)wt B.IO
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M = cos Cl + n)wt ^ cos(l - n)cjt 1 + n 1 — n B.12
putting in the limits and rearranging gives
1 - C~l) - cos(1 + n)8 - cos(l + n) (ir + 9)
B.13
using trig, identities on the cosine terms and introducing a common
2denominator of (1 - n ) gives
• (cosCl - n)9 B.14
The above process must now be repeated for the B^ coefficients.
Bn sin wt.sin nwt.dt + sin wt sin nwt.dt B.15
J. dt B.16
where
J = cos(l - n)wt - cosCl + n)wt
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integrating equation B.16 gives
• & h: • & HL B.172 - a
where
TT _ sinCl - n)wt sinCl + n)wt „
^ ” m i
putting in the limits and rearranging gives
p _ 1 sin(l - n)0 - sin(l - n) (ir + 0)|
n 2? 1 - n
1 sinÇl + n)9 + sinÇl + n)(n + 9) 1
2;r 1̂ 1 + n J B.19
using trig, identities on the sine terms and introducing a common
2denominator of 1 - n gives




= - (-1) 3 _ + 0^) & B.21
itCl - n ) ' '
where
P = cos Cl - n)9 B . 22
Q = cos 9 sinCn0) - n sin 9 cosCn6) B.23
Hence, f 0 for n odd, and therefore the spurious products fall at 
the same frequency as would intermodulation products.
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When n = 1, equation B.21 does not give the amplitude of the fundamental 
component, but is indeterminate. Reference (1) indicates that 
equations B.8 and B.15 are invalid for n = ±1 and should be written as 
T
2 A  2  r^ = Y  jr sin wt.cos wt.dt + —  J
T
A- -̂ / / sin wt.cos wt.dt B.24
2 /" 2 2 f= Y  y  sin wt.dt + J T . 2sin wt.dt B.25
integrating equations B.24 and B.25 gives
T
~  ■  2 ^  [ 1  ■ 2 ^  [cos 2o)t j B.26
2 + ̂
T
Ti = 1  _ sin 2wt + 2 ft _ sin 2wt 1
1 T [2 4w T [2 4w
2 + *
B.27
putting in the limits gives 
*1 -
B_ = 1 - -  + sin 28 B.291 IT
As 0 ->-0, then A^ ->■ 0 and B^ ->■ 1 and thus the amplitude of the fundamental
component, C^, tends to unity as expected from equation B.4.
The amplitudes of the components of are relative to C^, and when 
multiplied by a carrier wave to produce a DSB signal the amplitude of the 
spurious products relative to the first term remains unaltered. There­
fore, equation B.21 gives the amplitude of the spurii relative to the
tones of a two tone test signal.
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The angle 6 of equation B.21 may be defined in terms of the duration 
'a’ of the missing portion of the waveform of figure B.l and the RF 
tone difference frequency.
The radian frequency of the waveform of figure B.l is
w = Y" B. 30
Substituting for w in equation B.7 gives
9 = — radians B.31
_ s. 3 ^  degrees B.32




Therefore equation B.32 riay he written as
0 = a.fj.lPG r.34d
Values of for various values of 6 are shown in Table B.l.
Reference
1. Spiegel, M.R., "Mathematical Handbook of Formulas and Tables", 
McGraw-Hill, 1968, pp.75-77.
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SPURIOUS EMISSIONS DUE TO TIMING ERROR
For a two tone test signal, the amplitude of the n^^ component due to 
timing error, F^, (relative to the ones) as a function of the timing 
error, t , is given by
4 sin 0. sin n
where
X = n8 cos Cn6) - sin (nS) C.2
Y = nS sin Cn0) + cos (n0) - 1 C.3
TW ,
0 =  —  C.4
Values of F^ for various values of 0 are given in table C.l.
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SPURIOUS EMISSIONS CAUSED BY INTERFERING CARRIERS
This appendix covers the derivation of equations 3.14 and 3.15 introduced 
in section 3.4.8 to determine the output spectrum under two tone 
conditions of a Polar-Loop Transmitter in the presence of an interfering 
CW carrier.
The spurious emissions caused by the interfering carrier have been 
modelled by considering a discontinuous low frequency sinusoid. By 
multiplying the low frequency signal by a high frequency carrier a 
double sideband suppressed carrier waveform is produced, which may be 
considered equivalent to a two tone SSB signal. The low frequency 
sinusoid of period T is depicted in figure D.l, where 2a is the duration 
of the missing portion of the waveform. When multiplied by the carrier 
signal the waveform of figure D.2 results, where 0° is the angle 
traversed in a time 'a' seconds.
The waveform, f(t), as drawn in figure D.l has odd symmetry and therefore 
the Fourier components, B^, may be defined by
2 f A+T
~ T J fCt).sin nwt.dt D.l
where
X is an arbitrary point in time 
T = 2ir/w, the period of f(t)
From figure D.l,
f(t) = - sin wt D.2
3(yi-
•<L
F »^  D \ Oîscontinuoos Low Fre^ucnc^
S'mUSoiJi
/
Fig. D .l Dis^or^^oh of Hie Two Tone 





where 9 is defined as
0 = ao) D.5
Hence
■> f . . 2 fB = - ̂  I sin cot.sin nwt.dt - —  I sin wt.sin nwt.dt






As f(t) is symmetrical and integrated over symmetrical limits, then
/
T
2 “  *
—  / sin wt.sin nwt.dt D.7
T
2 ^
(cos(l - n)wt - cos (1 + n)wt).dt D.8
■ - T  A
2 r sinCl - n)wt sin(l + n)wt 1
” wT [ (1 - n) ” (1 + n) J
1 fsi
= - 7  [ -
1 n(l - n)(n - 0) - sin(l - n)0 
(1 - n)
— sinÇl + n) (tt - 0) + sin(l + n)0 [
(1 + n) J :" . i r
expanding the sine functions using trig, identities and writing cos nir
/  -t \ •as (-1) gives
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[ l  - (-1)*] fsinCl -  n)0 sin(l + n)0l  ̂ n
n T L (1 - a) " Cl + n) J
Hence, 5̂  0 for n odd, and therefore spurious products caused by the 
interfering carrier fall at the same frequency as would intermodulation 
products.
When n = 1, equation n.ll does not give the amplitude of the fundamental 
component, but is indeterminate. Reference (1) indicates that equations 
D.7 is invalid if n = ±1 and should be written as
■I ■ -i IJ £
T
sin wt.dt L-.12
= 4 [sin 2wt _ t 1 
T L 4w 2 J
T
2 “ * 0.13
putting in the limits and simplifying gives
_ 1 ^ e - sin 26 ^
1 TT
As 0 ->-0, then B^ ->■ -1 as expected from equation D.2.
The amplitudes of the components of B^ are relative to B^, and when
multiplied by a carrier wave to produce a DSB signal the amplitude of 
the spurious products relative to the first term remains unaltered. 
Therefore, equation D.ll gives the amplitude of the spurii relative to 
the tones of a two tone test signal.
The angle 0 of equation D.ll may be defined in terms of the relative
amplitudes of the interfering carrier and wanted two tone signal as 
follows: the magnitude of the envelope voltage, VCt), of a two tone
waveform may be defined as (appendix A}
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Wjt
V(t) = V I sin — Y" I P. 15
where
V is the peak voltage of the waveform
is the radian difference frequency of the tones
An interfering signal of peak amplitude, x, exceeds the magnitude of 
equation D.15 over an angle 0, where
X  = V I sin ̂  I P. 16
Letting R = , then
0 = 2  sin ^CR) 0.17
Values of for various values of 0 are given in table D.l.
Reference
1. Spiegel, M.R., "Mathematical Handbook of Formulas and Tables", 
McGraw-Hill, 1968, pp.75-76.
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MODULATED AMPLIFIERS AND THEIR EFFECT ON THE 
AMPLITUDE LOOP GAIN
E.l Introduction
This appendix is primarily concerned with gate modulated VMOS amplifiers 
as this type of modulated amplifier was used in the transmitters described 
in this thesis. Drain modulation is also briefly considered. Although 
not directly covered, many of the points pertinent to modulated amplifiers 
employing VMOS devices may also be applicable to bipolar amplifiers 
using either base or collector modulation.
An important parameter of a modulated amplifier is the gain factor, 
which is the contribution of the amplifier to the amplitude loop gain. 
Irrespective of the type of modulated amplifier that is chosen the 
definition of the gain factor remains the same: the ratio of the peak
to peak RF output voltage from the modulated amplifier to the peak to 
peak amplitude of the modulating voltage.
E .2 Drain Modulation
Consider a drain modulated amplifier delivering a given power. If there 
is a change in the gain of the modulated amplifier or any preceding or 
subsequent amplifier (for example, when the operating frequency is 
altered) the output power from the transmitter will not change. This is 
because for a high amplitude loop gain the transmitter output voltage 
(and therefore power) is independent of the gain of the RF amplifiers 
as shown by equation 2.8. In order to maintain the output power constant
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the gain of the modulated amplifier must change. If the gain falls the 
peak positive value of the drain voltage will rise and increase the 
output power from the modulated amplifier to compensate. As the RF 
output voltage from the transmitter is constant and the modulating 
voltage has been increased, the gain factor, and hence the loop gain and 
bandwidth, decrease. The converse is true if the gain of one of the 
amplifiers increases.
E.3 Gate Modulation
The operation of a VMOS modulated amplifier is most easily understood by 
considering the voltage transfer characteristics of the device; 
figure 7.7 shows the form of a typical characteristic, where 1.0 represents 
the normalized RF output voltage corresponding to full output power.
The gain factor is defined as the slope of the characteristic and it may 
be seen from figure 7.7 that the characteristic is not particularly 
linear and therefore the gain factor, and hence the loop bandwidth, 
change as a function of the gate control voltage. The poor linearity of 
the transfer characteristics found in gate Cor grid) modulated amplifiers 
is the reason why this method of amplitude modulation has not been adopted
in the past. However, in the case of a Polar-Loop Transmitter the large
amount of overall amplitude feedback effectively linearizes the transfer 
characteristic and enables amplitude modulation to be performed with low 
distortion.
In the case of two tone modulation of a Polar-Loop Transmitter, as the
output from the SSB generator rises the gate control voltage rises and
increases the gain of the modulated amplifier, thereby increasing the 
output power from the transmitter. When the RF output from the SSB 
generator tends to zero, the gate control voltage goes negative in order
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to reduce the output from the modulated amplifier. The negative 
excursion of the control voltage is limited By the supply voltage to 
the differential amplifier and may Be typically greater than -TOV, at 
which point the isolation obtained from a VMOS modulated amplifier at HF 
may Be expected to Be in the region of 70 dB. The control voltage does 
not, however, go to its lowest negative limit: the slope of the voltage 
transfer characteristic falls at the lower negative values of control 
voltage, as may Be seen from figure 7.7 , and consequently, the gain 
factor and hence the loop Bandwidth decreases. As Bandwidth decreases 
the amplitude loop Becomes less able to respond to the higher frequency 
components of the gate modulating voltage and a point is reached where 
the gate voltage goes no further negative.
For two tone modulation the gate voltage approximates to a ’full wave 
rectified’ waveform Csee figure 7.8) and the higher frequency Fourier 
components of this signal make up the sharp negative transitions. As 
the tone separation increases these higher frequencies suffer progressively 
increasing attenuation and therefore, the negative excursion of the gate 
control voltage will decrease. This means that the isolation of the 
modulated amplifier is a function of the tone separation, and about 60 dB 
of isolation may be obtained from a VMOS modulated amplifier at HF for 
a tone separation of 500 Hz.
The explanation for the reduced gain factor at lower negative gate control 
voltages may be seen from the DC transfer characteristics of VMOS devices 
(see figure 2.5): a positive gate-source voltage of about 1.5 volts is 
required to turn on the device, below which virtually no drain current 
flows. Thus, when a VMOS amplifier is gate modulated the control voltage 
goes negative until the sum of the gate control voltage plus the peak
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positive value of the RF input drive is approximately equal to the turn­
on voltage.
Having explained the basic operation of the modulated VMOS amplifier 
the effect of variations in the gain of any RF amplifiers in the RF 
chain (including the VMOS amplifier) on the amplitude loop bandwidth 
may be described.
If the gain of the VMOS amplifier or any subsequent amplifiers vary 
then the peak positive value of the gate vontrol voltage will change in 
order to maintain constant output voltage (or power). As the RF input 
signal driving the modulated amplifier has not changed the peak negative 
excursion of the gate control voltage remains unaltered. Hence the gain 
factor, and consequently the amplitude loop bandwidth, changes.
Because the transfer characteristics are comparatively linear above the 
turn-on voltage the change in the amplitude loop gain is approximately 
the same as the change in gain of the RF amplifiers.
If the gain of an amplifier preceding the VMOS amplifier changes the 
amplitude loop gain will remain virtually constant. For example, if 
the RF input to the modulated amplifier falls the negative excursion of 
the gate control voltage becomes less negative such that the sum of the 
gate voltage plus the peak positive value of the RF voltage is approx­
imately equal to turn-on voltage of the VMOS device. The peak positive 
value of the gate voltage rises to increase the gain of the modulated 
amplifier in response to the reduced input siganl. As stated above, 
the transfer characteristics of VMOS FETs are fairly linear above the 
turn-on voltage and therefore the change in the positive and negative 
excursions of the control voltage are nearly equal which results in the 
gain factor remaining almost constant.
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From the preceding discussion it may he seen that the gain factor of both 
drain or gate modulated amplifiers changes if the gain of the modulated 
amplifier or any subsequent amplifier tends to change. However, if the 
HF drive to the modulated amplifier changes the gain factor will change 
if drain modulation is used and will remain almost unchanged if gate 
modulation is employed.
E.4 Other Considerations
Although the amplitude loop is able to control the modulated amplifier 
to maintain the output power of a Polar-Loop Transmitter constant if 
the gain of the RF amplifiers vary, a large gain variation is undesirable 
for two reasons. Firstly, at HF there is generally significant time 
delay present in the amplitude loop ifhich restricts the loop bandwidth 
if instability is to be avoided. If the loop bandwidth were to be 
narrower than the desired value due to time delay, any further reduction 
in the loop bandwidth brought about by variations in the gain of the RF 
amplifiers may cause increased spurious output from the transmitter. 
Secondly, large gain variations require that the modulated amplifier 
be operated inefficiently and at low power levels if it is to have a 
large amount of ’spare’ gain and output power capability. Moreover, the 
amplitude of the phase component leakage from the modulated amplifier 
remains approximately constant and by running this amplifier below its 
maximum power capability the effective isolation is reduced causing 
increased spurious radiation from the transmitter.
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APPENDIX F
EFFECT OF AN UNWANTED CARRIER APPEARING AT THE 
FEEDBACK RESOLVER OF A POLAR-LOOP TRANSMITTER
F.1 Introduction
In order to determine the response of a Polar-Loop Transmitter to an 
unwanted carrier appearing at the input of the feedback resolver each 
loop should be considered separately.
F. 2 Amplitude Loop
Consider the basic block diagram of the amplitude loop given in 
figure 3.13, in which an unwanted CCW) carrier produces an additional 
output V^(s) from the resolver demodulator. Using the same notation 
as in figure 3.13, the output of the differential amplifier, V^(s), 
is
V 3 CS) = [v^Cs) - V,(S) - V^Cs)] F.l
and
V-Cs) = K K K V.Cs) Z r a d 3
= KV^Cs)
where K = K V K ,r a d
F.2
Substituting for Vg(s) and rearranging gives
VgCs) = V^Cs)
A Km 
o Ps + KA w o p
Vjs)
A Km 
- ■P- . Ps + KA m o p
F.3
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Thus, the amplitude loop attempts to cancel the signal due to the 
unwanted carrier at the input to the differential by generating a 
cancelling signal, the amplitude and phase of which are functions of 
the closed loop Bode response.
The spurious radiation produced at the output of the transmitter by the 
amplitude loop is most easily understood when the frequency separation 
between the wanted and unwanted signal is small, such that the amplitude 
and phase response of the loop may be neglected.
Consider CW wanted and unwanted carriers and let B cos + ôm)t + ^(t) 
be an unwanted carrier appearing at the input of the feedback resolver, 
offset from the wanted signal, A cos w^t, by ôm, where A »  B. After 
synchronous demodulation the output of the demodulator, VgCs), is of 
the form (ignoring terms in 2m^)
V^Cs) = V  + m^ cos f̂imt + <|)Ct)J F.4
where
V' is the DC feedback voltage which, in conjunction with 
the DC signal from the input demodulator, produces a
DC output, V, from the differential amplifier to maintain
a constant carrier power from the transmitter, and 
m^ is a constant which is dependent upon the amplitude 
of the unwanted signal and the demodulator gain
The outputs from the two demodulators are subtracted and amplified by 
the differential amplifier to give a control voltage, V^Cs) of the form
V^Cs) = V - mg cos ^dwt + (j)Ct)J F.5
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The cosine term of equation F.5 amplitude modulates the carrier to
produce an output from the transmitter of the form
r(t) = D cos w^t - m^ cos + 5oj) t + -|m^ cos (w - 5w)t
- <|>(t)J F.6
i.e. an AM signal with two symmetrical sideband of amplitude m^ spaced
ÔÜJ from the wanted carrier signal,
After sampling, attenuation and frequency translation to the IF, partial 
cancellation of the unwanted signal occurs and the RF input signal to the 
resolver becomes
rCt) = A cos w^t + (B - m^)cos|(w^ + 5w)t +
- m^ cos - 6o))t - F.7
After synchronous demodulation, the demodulator output is
VgCs) = V  + m^CB - m^)cos ĵ Smt + ^Ct)J - m^m^ cos 5̂o) + ^(t)J F.8
But from equation F.3, the feedback within the loop operates to cancel
any unwanted signals; for cancellation to occur, then
B = 2m^ . ~
where m^ is the amplitude of one of the pair of AM sidebands produced 
in response to the unwanted signal of peak amplitude B.
Thus, it may be seen that when the Bode response of the amplitude loop
is neglected, the transmitter produces two symmetrical AM sidebands, 
the amplitudes of which are 6 dB below the level of the unwanted carrier
as measured at the input to the resolver. A simplified diagram
summarizing the response of the transmitter with amplitude feedback to
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an unwanted carrier B dB below the wanted output is shown in figure F.l, 
where the 'arrows’ indicate the vector direction of the unwanted signals 
(for simplicity the sideband reversal that occurs due to the frequency 
translation of the output frequency to the IF is not included in this 
and subsequent diagrams).
As the frequency offset between the wanted and unwanted carriers is 
increased the effects of the loop amplitude and phase response must be 
considered. Clearly, the AM sidebands produced at the output of the 
transmitter are attenuated and phase shifted by an amount equal to the 
amplitude loop Bode response. However, the partial cancellation of the 
unwanted signal decreases with increasing offset as illustrated in 
figure F.2, where 1.0 represents the normalized amplitude of the 
unwanted carrier and A and 0^ are the closed loop attenuation and phase 
shift at a given frequency offset from the wanted carrier. The amplitude, 
R, of the resultant signal appearing at the input to the resolver is 
readily calculated using the cosine rule:
R^ = 1 + f - A cos 8^ F.IO
Therefore
R = 1 + F.ll
The response of the amplitude loop to an unwanted harmonic signal is 
demonstrated in section 7.6.1 and a comparison of the measured and 
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F .3 Phase Loop
The effect of an unwanted carrier on the phase loop is almost identical 
to that of the amplitude loop and the analysis will not he fully described 
in this appendix.
In response to an unwanted carrier appearing at the feedback resolver 
additional frequency components are produced from the phase detector 
which frequency modulate the VCO. Unwanted sidebands are produced by 
the VCO, although only one pair are dominant as the unwanted carrier 
is generally much smaller than the wanted carrier. These dominant side­
bands can be shown to be 6 dB below the level of the unwanted carrier 
when the Bode response of the phase loop is neglected and, in accordance 
with. FM theory (1), of opposite phase. Partial cancellation of the 
unwanted carrier by one of the FM sidebands occurs at the input to the 
feedback resolver to produce two sidebands which are in-phase with one 
another. A diagram summarizing the response of the phase loop to an 
unwanted carrier is shown in figure F.3.
When the Bode response is not neglected the amplitude of the spurious 
products produced due to the phase loop feedback action may be determined 
in exactly the same manner as described for the amplitude loop. The 
response of the phase loop to an unwanted harmonic signal is demonstrated 
in section 7.6.2 and a comparison of the measured and calculated results 
is given in figure 7.27.
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F.4 Combined Response of the Amplitude and Phase Loops 
The resolver splits an input signal into its separate amplitude and 
phase components and thus the phase component is obtained irrespective 
of variations in amplitude and vice-versa. The two feedback loops 
therefore operate independently of one another and their combined 
response to an unwanted signal may be found by vector addition of the 
individual response of each loop.
When the Bode responses of the loops are neglected the combined response 
of both loops to an unwanted signal may be explained using figure F.4.
A higher frequency (upper) sideband is produced at the output of the 
transmitter at a level equal to that of the unwanted carrier whereas 
the lower sideband, being of opposite phase, will cancel. After 
frequency translation to the IF the upper sideband cancels the unwanted 
carrier to leave only the wanted carrier signal.
The amplitude and phase shifts within each feedback loop will modify 
the amplitude and phase of the frequency radiation produced by the 
transmitter in response to the unwanted carrier and these modifications 
are readily calculated.
A vector diagram shown in figure F.5 illustrates the combining of the 
amplitude and phase loop products which sum to give the upper sideband 
output from the transmitter; the upper sideband subsequently cancels 
the unwanted carrier appearing at the resolver. From figure F.5, at any 
given offset frequency of the interfering signal from the wanted signal 
let
A = closed loop attenuation of amplitude loop
0^ = close loop phase shift in amplitude loop
P = closed loop attenuation of phase loop
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9p = closed loop phase shift in phase loop
1 ■= normalized amplitude of unwanted carrier
= resultant amplitude of the upper sideband frequency
product at the transmitter output 
= resultant amplitude of the 'cancelled* unwanted 
signal at the resolver
By inspection from figure F.5
R (tcos 0 + IT COS 0a 2 p y - ( A P■7C sin 0 + sin 02 a 2 p F.12
and similarly
Ru
A P1 - TT COS 0 - 7T COS 02 a 2 p 4  sin 0 + ^  sin 02 a 2 p F.13
The resultant amplitude of the lower sideband, R^, produced by the 
transmitter may be determined from the vector diagram of figure F.6 by 






R^ = Y  (A^ + p2 - 2AP cos a)S F.16
The combined effects of both loops in response to an interfering harmonic 
carrier are described in section 7.6.3 and a comparison of the measured 
and calculated results is given in figure 7.29.
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The computer programme documented in appendix G was used to calculate 
the amplitude of the various frequency products from the equations given 
in this appendix.
F.5 External Interfering Carriers
The amplitude of certain spurious components produced by a Polar-Loop 
Transmitter due to an external interfering carrier (but not those 
products due to capture effects in the resolver limiters) may be 
determined from the equations given in this appendix. In the case of 
an external carrier, 'cancellation* occurs at the output of the trans­
mitter rather than at the output of the down conversion mixer as occurs 
for harmonics and fed back signal leakage. For the case described in
section 7.8.1 where a directional coupler was not used to sample the
transmitter output signal, the degree of cancellation of the carrier 
signal may be calculated using equation F.13. The amplitude of the 
higher frequency third order product Cfor an interfering signal which is 
lower in frequency than the wanted signal) relative to the 'uncancelled* 
interfering carrier may be calculated using equation F.16. The amplitudes 
of the other distortion products cannot be estimated because the simple 
analysis that is used assumes that only one pair of sidebands are
produced by each loop in response to an interfering signal.
Reference





G . 1 Ir.troi^uctior,
This appendix documents a Fortran computer programme that calculates
1. the closed loop dynamics and Bode response of the 
amplitude and phase loops in the presence of time delay, 
and
2. the response of a Polar-Loop Transmitter to unwanted 
signals reaching the feedback resolver (Appendix F).
A print-out of the programme for the case when the transmitter described 
in chapter 6 is operating at 21.4 MHz is given at the end of this 
appendix.
G.2 Variable Listing 
Amplitude loop
gain dB Amp. loop differential amp gain
pole Open loop pole of differential amp
fdbkdb Sum (dB) of gains and losses in amp loop
gloop Amp. loop gain (dB)
gl Amp. loop gain (number)
rpole Pole (rad/s)
























Library routine to obtain roots of characteristic 
equation
Variables used in library subroutine
Real part of roots of characteristic equation
Imaginary part of roots of characteristic equation
Variables storing stable (-ve) roots of
characteristic equation
Variables used to sort roots in order of
increasing frequency
Product of rel and re2
Natural frequency of loop
Damping ratio
Frequency of peak in amplitude response of 
2nd order loop 
Frequency steps (kHz)
Closed loop response of amplitude loop 
clraCj) CdB)





ampp (j ) 
amgp ( j ) 
anglep (j ) 
error (j)
Phase loop bandwidth in absence of time delay 
Closed loop amplitude response of phase loop 
clrp(j) (dB)
Close loop phase response of phase loop (radians) 
angp(j) (degrees)
Error response of phase loop (number)
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erf(j) error Cj) CdR)
Other variables as per amplitude loop











R^ (dB) of equation F.12 (Appendix F) 
constituent parts of equation F.12
Equation F.IO (Appendix F) for amplitude loop 
raCj) (dB)
Equation F.IO for phase loop 
rp Cj ) (dB)
Difference between phase and amplitude loop 
c/1 phase shift
Equation F.13 (dB) (Appendix F)
Equation F.15 (dB) (Appendix F)











Calculate delay free amp loop bandwidth 
Calculate roots of characteristic equation of amp 
loop with time delay (equation 5.23)
Store stable roots only
Sort roots in order of increasing frequency 
Decide if roots are real or complex 





Calculate and print Bode response of amplitude loop 
with complex roots
Print real roots and calculate and print Bode response 
of amp loop with real roots
Phase loop
204-233 As lines 27-53
234-263 As lines 54-83
264-305 As lines 84-125
306-309 As lines 126-129
310-326 As lines 130-145
327-356 As lines 146-173




Calculate and print amplitudes of products produced 
due to an unwanted signal appearing at the feedback 
resolver









8 c Amplitude channel without delay
9





















32 600 format(5x,' Amplitude Channel /6x,17('=')//
33 12x,' op amp o/l gain = ',f4.1,' dB'/
34 22x, ■ op amp o/l pole = ,f5.1,'' Hz'/
331
35 32X, ' total loop loss = ,f4.1, dB'//
36 42x, ’ amplitude channel bandwidth without delay = ,f5.1 , KHz //
37 52x, Amplitude channel with 'f4.2, ' microseconds delay'/)
38







46 n = 6
47
48 c obtain roots of characteristic equation
49





55 c take stable roots only
56
57 r1=1.0
58 1 = 1
59















75 30 r2 = re(k)
76 com2=com(k)
























































131 c roots are complex
132




137 640 format(2x,' roots are complex /
138 12x, ' pole pair at ,f6.1, ' +&- j ,f5.1, KHz'/
139 22x,' natural freqy = ,f5.1, KHz'/
1 40 32x,'' damping ratio = ,f4.2)
141
142 if(zeta.gt.0.5)goto 125
143 fp = fn*sqrt(1.0-2.0*zeta*zeta )
144 write(7,700)fp
























169 660 format(/2x, frequency response of amplitude channel //
170 13x, Freqcy',3x, AmpdB ,5x,'Angle')




175 c real roots
176
177 100 write(7,650)re1,re2
178 650 format(2x, roots are real'/
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200 690 format(2x,' frequency response of amplitude channel //














215 800 format(///6x, First order phase locked loop"/7x,29( = )//
216 12x,' phase channel bandwidth without delay = ,f5.1, KHz'//
217 22X, Phase channel with ,f4.2, microseconds delay'/)
218










228 c obtain roots of characteristic equation
229
230 ifail=0




235 c take stable roots only
236
237 r1=1.0
2 3 8 1=1
239































2 7 1  comm2=CQm2
777







































311 c roots are complex
312
31 3 fn=sqrt(rel*re1+comm1*comm1)
314 zeta = abs(rel/fn )
315
316 write(7,840)rel,comm1,fn,zeta
317 840 format(2x, roots are complex'/
318 12x, pole pair at ,f6.1,' +&- j ,f5.1, KHz /
319 22x, natural freqy = ',f5.1, KHz'/




324 fp = f n*sqrt('1 .0-2.0*zeta+zeta)
325 write(7,900)fp




330 do 310 j=2,35
331
332 f (j)=f (j-D + IO.O
333 1f(f(J ). gt.200.0)f(J)=f(J) +10.0
334 if(f(j).gt.400.0)f(j)=f(j)+30.0
335
336 clrp(j ) = (fn*fn/sqrt((fn*fn-f(J)*fV J ))**2.0
337 1+4.0*re2*re2*f(j)*f(j)))
336 ampp(j ) = 20.0*alog10(c1rp(j))
339
340 top = f{j )*re1*2.0
341 b 01 =(f n * f n-f(j)* f(J ))
342 angp(j ) =atan2(top,bot)
343 angiep(j)=(180.0/3.142)*angp(J)
344 error(J ) = sqrt(f(j)*f(j)*f(J)*f(j)+4.0*re1*re1*f(j)*f(j))
345 1/sqrt((fn*fn-f(j)*f(j))**2.0+4.0*re1*re1*f(j)*f{j))






352 860 format(/2x, frequency response of phase channel//





356 c real roots
359
360 300 write(7,850)re1,re2
561 850 f0 rmat(2X,' roots are real '/




366 do 340 j=2,35
367
368 f(J)=f(j-1)+10.0
369 1f(f(J ).gt.200.0)f(j)=f(J ) +10.0
370 if(f(j).gt.400.0)f<j)=f(j)+30.0
338
37 i cirpv j )=pr/sqrl( (pr-f (j)tf ( j) )*-»2.0
372 1+((re1+re2)*f(j))**2.0)










383 890 forttat(2x,' frequency response of phase channel //
334 1 3'/., ■ Freqcy ,3x,' AmpdB ,4x, ' Angle ')
385 880 for«at(3x,f6.1,5x,f5.1,5x,f5.1)
386 330 do 350 j=2,35
387
388 ac=c 1 ra( j )*0 .5=*-cos ( anga( j ) ) +c lrp( J )*0.5*cos(angp( j ) )
389 ce = clra(j)*0.5*sin(anga(j))+clrp(j)*0.5*sin(angp(j ) )
390 ros(j)=10.0*alog10(ac*3c+ce*ce)
391 ra(j)=sqrt(1.0+(0.5*cIra(j))**2.0-clra(j)*cos(anga(j)))




396 theta = angp(J )-anga(j )
397 res(j)=10.0*alog10((ac-1.0)+*2.0+ce*ce)
398 spur(J)=10.0*alog10((0.5*cIra(J))**2.0+






405 81 0 f or«at(///2x, Freq■,3x, ■ raa ,4x,' rpp^,4x,^ ros’,4x, "res',4x










op amp o/l gain = 82.7 dB
op amp o/l pole = 30.0 Hz
total loop loss = 13.6 dB
amplitude channel bandwidth without delay = 85.5 KHi
Amplitude channel with 0.76 microseconds delay
roots are complex 
pole pair at -194.9 +&- j 
natural freqy = 217.1 KHz 
damping ratio = 0.90
95.6 KHz










90.0 -0.9 -41 .9
100.0 -1.2 -46.4





160.0 -2.9 -71 .0
170.0 -3.3 -74.6
180.0 -3.6 -78.1

















First order phase locked loop
phase channel bandwidth without delay = 90.0 KH; 
Phase channel with 1.14 microseconds delay 
roots are complex
• ole pair at -86. 6 +&- j143 .0 KHz
latural freiqy = 167.1 KHz
lamping ratio = 0. 52
reiquency response of phase channel
Fre<;cy AmpdB Angle Erf
10.0 0.0 -3.6 -24.1
20.0 0.1 -7.2 -18.0
30.0 0.1 -10.9 -14.4
40.0 0.2 -14.7 -11.7
50.0 0.3 -18.8 -9.5
60.0 0.5 -23.1 -7.6
70.0 0.6 -27.8 -6.0
80.0 0.8 -32.7 -4.5
90.0 0.9 -38.2 -3.1
100.0 1 .0 -44.0 -1.9
110.0 1 .0 -50.3 -0.8
120.0 1 .0 -56.9 0.2
130.0 0.9 -63.9 1.0
140.0 0.7 -71 .0 1.7
150.0 0.4 -78.2 2.2
160.0 0.0 -85.2 2.6
170.0 -0.5 -91 .9 2.9
180.0 -1 .0 -98.1 3.1
190.0 -1.7 -103.9 3.2
200.0 -2.4 -109.2 3.2
220.0 -3.8 -118.2 3.1
240.0 -5.2 -125.5 2.9
260.Ô -6.6 -131 .4 2.6
280.0 -8.0 -136.1 2.4
300.0 -9.2 -140.0 2.2
320.0 -10.4 -143.3 2.0
340.0 -11.5 -146.1 1 .8
360.0 -12.6 -148.5 1.6
380.0 -13.6 -150.5 1 .5
400.0 -14.5 -152.3 1.4
450.0 -16.7 -155.9 1.1
500.0 -18.6 -158.7 0.9
550.0 -20.3 -160.8 0.8
600.0 -21.9 -162.6 0,6
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Freq raa rpp ros res spur
10.0 -6.0 -6.0 0.0 -22.8 -39.7
20.0 -5.7 -5.9 0.0 -16.8 -33.6
30.0 -5.4 -5.8 0.0 -13.2 -29.9
40.0 -5,0 -5.7 0,0 -10.7 -27.3
5 0.0 - 4 , -5,4 0.0 -8.7 -25.2
60.0 -4 , 1 0,0 -23.4
70.0 - 3.0 -4,7 0,0 -5,7 -21,8
80,0 -3,2 -4,2 c.o -4.4 -20,4
?0.0 -3.6 0.0 -3.3 -19.2
100.0 -2,3 -2.9 -0.0 -2.3 -18.1
110.0 -1.9 -2.2 -0.1 -1,4 -17.2
120.0 -1 ,6 -1.5 -0.2 - 0 -, 6 -16.4
'30.0 -1 ,2 -0.9 -0,4 0.1 -15,3
140.0 -1 .0 -0.3 -0.6 0.6 -15.3
150.0 -0.7 0.3 -1.0 1 .1 -15. 1
160.0 -0.5 0,7 -1,4 1 .5 -14.9
170.0 -0.3 1.0 -1 .? 1.8 -15.0
180,0 -0.1 1.2 -2,4 2.0 -15.1
190.0 0,0 1.4 -2.9 2.1 -15.4
200 .0 0,2 1 .4 -3.5 2.1 -15.7
220.0 0,3 1.5 -4.7 2.2 -16.5
240.0 0.5 1.4 -5.9 2.1 -17.5
2 A 0 . 0 0 , 6 1 .3 -:\0 2.0 -18.5
: y 0,0 C. 6 1 .2 -8.1 1 .9 -19.5
300 .0 0,7 1 .1 -9.1 1 .8 -20.5
320.0 0, 7 1 .0 -10.1 1.7 -21 .4
340, 0 0.9 -11 .0 1 .6 -22.3
3-0,0 0,7 0.8 -11.9 1.5 -23.2
380.0 0.7 0.8 -12.7 1.4 -24.1
400.0 0.6 0.7 -13.5 1.3 -24.9
450.0 0.6 0.6 -15.4 1.1 -26.8
500.0 0.5 0.5 -17.1 1.0 -28.6
550.0 0.5 0.4 -18.6 0.8 -30.2
600.0 0.4 0.3 -20.1 0.7 -31 .7
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APPENDIX H
AN HF TYPE 2 POLAR-LOOP TRANSMITTER
Summary
An HF Type 2 Polar-Loop Transmitter is described in this appendix.
In this configuration feedback in polar coordinate form is applied to 
a conventional exciter-linear amplifier arrangement. A commercial 1 kW 
HF transmitter has been modified for Type 2 operation and some results 
arising from this modification are presented.
H.1 Introduction
The Polar-Loop transmitters described in this thesis result from the 
application of feedback in polar coordinate form to a transmitter based 
on the principle of envelope elimination and restoration. This 
arrangement is known as the Type 1 configuration and enables SSB trans­
mitters to be constructed which have low distortion and good conversion 
efficiency.
With the Type 1 configuration there are certain difficulties associated 
with its implementation, namely
1. restrictions of the bandwidth of the feedback loops 
caused by time delay
2. lower spectral purity when transmitting signals of 
wider bandwidth than SSB speech, and
3. leakage to the output of the phase modulated carrier.
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In order to overcome these difficulties a Type 2 Polar-Loop Transmitter 
was developed in which feedback., in polar co-ordinate form, was applied 
around a conventional exciter-linear amplifier transmitter.
H.2 The Type 2 Transmitter
A Type 2 transmitter is similar to a conventional transmitter around 
which feedback has been applied in polar coordinate form. In order to 
apply feedback a VCO replaces a frequency translating oscillator and 
one of the RF amplifiers must be capable of being amplitude modulated.
A block diagram of a basic Type 2 transmitter is shown in figure H.l.
The output of an SSB generator is split into two parts using a hybrid 
splitter: one part is translated to the desired output frequency where 
it is amplified by a series of linear amplifiers; the second part is 
resolved into its polar coordinates. A sample of the transmitter output 
is attenuated, converted to an IF and similarly resolved into polar 
coordinate form. An envelope feedback loop is formed by differencing 
the two amplitude components and using the amplified error signal to 
control the gain of an RF amplifier. A phase correcting loop is formed 
by controlling a VCO from an error signal derived from the comparison 
of the two phase components in a phase detector.
H.3 Comparison of Type 1 and Type 2 Configurations
A Type 1 transmitter resolves a SSB signal into polar coordinate form 
in which each component is separately processed, and recombination and 
reconstitution of the BSB signal occurs in a high power RF amplifier. 
Linearity is assured by the use of large amounts of negative feedback.






















coordinates but in this case part of the signal is amplified directly 
by the power amplifiers. As the SSB signal is already present in the 
RF amplifiers the phase and amplitude loops are not required to 
reproduce the wideband spectra required in the Type 1 configuration.
Each loop need only separately correct for any amplitude and phase 
distortion arising in the RF power amplifiers. This allows a reduction 
in the bandwidth of both loops and therefore delay constraints are 
eased.
The phase inversions at the zero crossings of an SSB signal result in 
a discontinuity on the VCO control voltage of a Type 1 transmitter in 
order to produce the necessary 180° phase transition. In contrast, 
the phase loop of a Type 2 design only corrects for distortion arising 
from incidental phase modulation, and hence, if the input and feedback 
signals arrive at the resolver at exactly the same time the phase 
detector does not respond to these phase inversions and the discontinuities 
disappear. In practice, phase shifts through the amplifiers and filters 
will delay the fed back signal with respect to the SSR input signal 
and cause discontinuities to appear on the VCO control line. It is 
possible to insert an optional time delay between the hybrid splitter 
and the input resolver - shown dotted in figure H.l - which matches the 
delay around the RF chain and thereby eliminates the discontinuities.
The effect of this time delay on the output spectrum is demonstrated 
in section H.5.3.
The implementation of the phase and amplitude feedback circuitry is 
identical for both types of Polar-Loop transmitter and therefore, the 
mechanism of the response to unwanted signals (harmonics, co-sited 
transmitters and leakage of the fed back and synthesizer signals across
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the down conversion mixer) is the same. However, the reduced loop 
bandwidths of the Type 2 transmitter result in greater attenuation of 
the spurii, caused by the interfering carriers as the frequency offset 
between the IF and the unwanted signal is increased.
Although the implementation of the two loops is the same for both types 
of Polar-Loop Transmitter the variation in the amplitude loop gain 
(and hence bandwidth) as a function of changes in gain of the RF 
amplifiers and the SSB drive is different in each case.
In a Type 1 transmitter a constant level phase component signal feeds 
the modulated amplifier irrespective of SSB drive from the generator 
and amplitude modulation of the phase component is achieved by changing 
the gain of the modulated amplifier in response to a control signal 
from the differential amplifier. For two tone modulation the control 
voltage approximates to a full wave rectified waveform but although 
the gain of the amplifier changes, the gain factor does not vary greatly 
over the majority of the control voltage swing. By conq>arison, both 
the input and the output of the modulated amplifier are SSB signals in 
a Type 2 transmitter and consequently the amplitude control voltage need 
only vary slightly to condensate for amplitude distortion in the RF 
amplifiers. As the level of the control voltage is almost constant 
the RF gain of the modulated amplifier is virtually constant. However, 
the gain factor (defined in the same manner as for a Type 1 transmitter) 
will vary as a function of the level of the input signal. Hence, the 
amplitude loop bandwidth of a Type 2 transmitter varies from a maximum 
at modulation peaks and tends to zero as the modulating signal does 
likewise.
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The amplitude loop gain of a Type 1 transmitter varies whenever there 
is a change in gain of the modulated RF amplifier or any subsequent 
andlifièrs, which causes the loop bandwidth to change. If the gain of 
an amplifier preceding a gate modulated VMOS amplifier is altered the 
loop gain does not change proportionately for the reasons described in
appendix E. In contrast, consider a Type 2 transmitter driven by a
constant level signal to produce a given output power. If the change 
in gain of the modulated RF amplifier as a function of control voltage 
is approximately linear the amplitude loop will be similar to a Type 1 
transmitter in that it exhibits a reduced sensitivity to changes in 
the gain of RF amplifier preceding the modulated amplifier. However, 
if the gain of the modulated or subsequent amplifiers changes, the loop 
gain will remain almost constant and therefore, although the amplitude 
loop bandwidth varies as a function of the SSB drive, at any given 
level it will remain nearly constant despite variations in the gain of 
the RF amplifiers.
A Type 2 transmitter was constructed to demonstrate the effectiveness of 
this configuration Cl) and some of the results obtained are included 
in this Appendix. The work formed part of a Ministry of Defence contract 
to modify a Marconi 1 kW HF transmitter for Type 2 Polar-Loop operation.
H.4 1 kW HF Type 2 Polar-Loop Transmitter
The Type 2 system was configured around a Marconi H1040 power
amplifier (2) and HS 1540 synthesizer amd drive unit (3) which is typical
of many current HF equipments.
An SSB signal is generated at 1.4 MHz and undergoes two stages of 
frequency translation to produce an output of 100 mW within the range
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1.6 - 30 MHz. The power level is then increased to 1 kW PEP by three 
cascaded linear amplifiers; two of the amplifiers are transistorized 
broadband designs operating in class A whilst the final stage is a 
4CX1500B valve biased for class ABl operation. Because of the high 
load line of the valve, broadband transformer matching to 50 0 is not 
feasible and therefore a pi-1 network is used. Output tuning is carried 
out by means of discriminators and servo drives, and using this 
arrangement the transmitter can automatically tune, load and set the 
output power at any frequency within the HF band in less than five 
seconds.
The Type 2 system was implemented with a minimum of modification to 
the Marconi transmitter and the automatic self tuning facilities were 
retained. A block diagram of the basic transmitter arrangement is 
given in figure H.2. A 10.7 MHz IF was used for convenience and the 
translation frequencies were chosen to ensure compatibility with the 
HS1540 synthesizer.
The 10.7 MHz SSB input signal is split in a hybrid splitter: half of 
the signal goes to the resolver via an optional delay compensation 
circuit; the other half feeds a double balanced mixer, and the signal 
is upconverted using a VCO at 57.9 MHz, and the 68.6 MHz sideband is 
selected by an LG bandpass filter. A high first translation frequency 
is used to ease the filter requirements after the second frequency 
conversion to the HF band. The HF output from the second mixer is 
selected by a low pass filter, amplified to 100 mW in a three stage 
broadband amplifier, and fed to an auto-attenuator within the Marconi 
transmitter which is controlled automatically for power adjustment 
during the tuning sequence. The attenuator is followed by a VMOS 










was used for its simplicity and because it may be directly controlled 
by the differential amplifier. The modulated amplifier replaces the 
first low power broadband class A stage used in the H1040 amplifier, 
and its output Cof between one and two watts) feeds the second stage 
(Marconi) amplifier which, in turn, drives the valve to an output of 
1 kW PEP. A sample of the transmitter output is attenuated and 
translated to 10.7 MHz to provide a feedback signal.
The mixer translation frequencies are derived from the HS1540 synthesizer 
within which a signal is available capable of being switched in the 
range 70.2 - 98.6 MHz. A second hybrid splitter divides the signal
equally; one half provides the injection to down convert the 68.6 MHz
SSB signal to between 1,6 and 30 MHz; the other half is mixed with the 
output from a 57.9 MHz crystal oscillator to produce an output after 
filtering of between 12.3 and 40.7 MHz which feeds the down conversion 
mixer.
A protection circuit is also incorporated in this transmitter. This is 
essentially a comparator which compares the gate control voltage with 
a fixed DC refexence. Should the gate voltage exceed the reference 
level, power is removed from the VMOS amplifier to prevent excessive 
current flow through the devices.
H.5 Results and Discussion
H.5.1 Phase and amplitude loops
The phase and amplitude loop bandwidths of a Type 2 transmitter are 
determined by the degree of phase and amplitude non-linearity introduced 
by the RF power amplifiers, a requirement that can vary depending on 
the type of amplifier, the frequency of operation and the drive levels.
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A broad approximation of the loop bandwidth requirements may be 
determined by considering the amount of phase and amplitude feedback 
required at a particular frequency as described in section 3.4.5.
The RF power amplifiers in a Type 2 transmitter will generally be more 
linear than the corresponding amplifiers in a Type 1 design and 
accordingly less feedback will be required. If 30 dB of phase and 
amplitude feedback is required at 3 kHz then, assuming loops with a 
first order characteristic are used, the bandwidth of each loop will 
need to be approximately 100 kHz.
For the transmitter described in this appendix first order phase and 
amplitude loop bandwidths of approximately 30 kHz (before modification 
by time delay) were selected, higher bandwidths could not be used 
because of the constraints imposed by time delay associated with the 
RF circuits.
The measured values for the fixed time delay were 1.23 yS in the phase 
loop and 0.94 pS for the amplitude loop. To these figures must be added 
the frequency dependent delay of the Marconi high power amplifier, shown 
in figure H.3, which is almost entirely due to the final stage amplifier. 
In order to transform the high load line impedance of the valve to 50 ÇI 
with minimal loss the pi-1 matching network must have a loaded Q in the 
region of 10. Significant time delay is caused by this bandpass network 
especially at low frequencies; at 1.6 MHz the measured time delay was 
3.2 yS.
As first order feedback loops were used in this design the maximum 
tolerable time delay in each loop is the same as that for the Type 1 
transmitter and is given hy
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where T is the time delay which just causes instability in a loop with 
a bandwidth B Hz. For satisfactory operation the actual loop bandwidths 
should be well below the limit imposed by equation H.l. Operation at
1.6 MHz represents the worst case frequency for this transmitter where 
the overall delay is 4.43 yS for the phase loop and 4.14 yS for the 
amplitude loop. The selection of a 30 kHz bandwidth for each loop 
results in a delay limit of about 8 yS, giving adequate stability 
margins. If this transmitter were to be modified for Type 1 operation 
the restricted loop bandwidths would be insufficient to ensure minimum 
output spurii.
The respective phase and amplitude loop Bandwidths at 1.6 MHz and 
30 MHz for an output power of 1 kW are shown in figures H.4 and H.5,
the difference in the responses at each frequency Being caused by the
variation in time delay of the valve tuning network.
A photograph of the two tone output waveform of the transmitter at 
1 kW PEP together with the gate control voltage and VCO control line
voltage is shown in figure H.6, no compensating time delay was used
when this photograph was taken and therefore discontinuities may be 
seen on the VCO control voltage. A gate control voltage variation of 
only 100 mV peak to peak was required to correct for any amplitude 
distortion. This correcting signal perturbâtes around a mean DC level 
of about 3 volts (controlled By the amplitude loop), the mean level 
determining the gain of the VMOS amplifier.
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H.5.2 Transmitter output spectra
The two tone output spectrum of the unmodified transmitter at 1 kW PEP 
is shown in figure H.7, aiid figure H.8 shows that of the Type 2 trans­
mitter under the same conditions with no compensating time delay (the 
noise present in figure H.7 was caused hy the Marconi synthesizer).
The Type 2 modification enables a 20 dB improvement in the third order 
products to be achieved compared with the unmodified transmitter.
A similar improvement was obtained at other frequencies. The output 
spectrum is also significantly better at low tone separations than 
that of the Type 1 transmitter described in chapter 6 because of the 
absence of phase component leakage and the intermodulation distortion 
at low tone separations is primarily limited by the non-linearity of 
the polar resolver.
As the SSB drive level is reduced the amplitude loop gain will decrease, 
thereby lowering both the amount of feedback and the loop bandwidth. 
Consequently, the level of the amplitude distortion relative to the 
tones will decrease, although a comparatively large amount of amplitude 
feedback is still available and at small tone separations the trans­
mitter distortion will be determined by the resolver circuit. Figure 
H. 9 shows the output spectrum of the transmitter at lOW PEP, 20 dB 
below full power, it may be seen that there is very little degradation 
in performance compared with full power operation.
H.5.3 The effect of a compensating time delay on the transmitter 
performance
The delay compensation circuit consists of a two stage tuned amplifier 
preceded by an input attenuator such that the overall gain is unity; 















































frequency dependent exact compensation will only occur at one frequency, 
which is approximately 18 MHz.
The introduction of a compensating delay causes the discontinuity on 
the VCO control line to almost disappear whenever there is a zero 
crossing of the SSB aignal. For a two tone test signal with a narrow 
tone spacing, the effect of the compensating delay was negligible as 
a comparison of figure H.10 with figure H.8 indicates, the degradation 
of the third order products being caused by the non-linearity of the 
bipolar devices in the delay circuit.
As the tone separation is increased the spurious outputs from the 
transmitter will also increase as may be seen from figure H.11 which 
shows the output spectrum from the transmitter when it is driven by 
an ISB signal having a single tone in each sideband with a tone 
separation of 4.5 kHz. High levels of spurii are evident and this 
spectrum is no better than that of the previously described Type 1 
transmitter when it is operating under the same conditions. This 
occurs partly as a result of the reduced ratio of the respective loop 
bandwidths to the tone separation, i.e. less feedback will be available 
to reduce higher frequency distortion components. However, the primary 
cause of the higher-order spurii are the discontinuities present on 
the VCO control voltage which cause a similar degradation in a Type 1 
transmitter: the discontinuities occur over a finite time and the
period over which the phase loop is disturbed as a fraction of the 
period of the two tone signal is increased as the tone separation increases, 
leading to increased output distortion. When delay compensation is 












































































For operation at frequencies other than 18 MHz the delay will not be 
matched and therefore the full benefits of reduced distortion will not 
be obtained at wide tone separations. Exact delay compensation is not 
required and tests indicated that errors of up to 15% will still give 
a worthwhile reduction in spurii.
If two tones of slightly differing amplitude are used very little 
distortion is produced by this transmitter irrespective of the tone 
separation and delay compensation is not required because the instant­
aneous 180° phase transitions of the SSB signal are no longer present.
H.5.4 White noise tests
The output spectrum of the transmitter at 18 MHz is shown in figure H.13 
when the SSB generator is driven with a white noise input and no 
compensating delay is used. The spectrum is indistinguishable from 
that of the SSB generator operating alone (not shown).
ISB operation may also be simulated by combining two SSB generators and 
driving them from separate white noise sources; figure H.14 shows the 
combined generator output which should be compared with figures H.15 and 
H.16, the spectra from the transmitter operating at 18 MHz both with 
and without delay compensation. The transmitter noise follows the 
filter skirts and in this respect the two loops are able to correct 
for distortion introduced by the power amplifiers. Delay compensation 
can be seen to reduce the low level noise either side of the filter 
response which is caused by the phase transitions of the ISB signal 
when it falls to zero. Comparison of figures H,16 and H. 13 shows this 
noise to be greater in the case of ISB rather than SSB operation becasue 
of the increased bandwidth of the modulating signal.
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h.5.5 Transmitter operation with- and without phase and amplitude 
feedback
By disabling each of the two loops in turn the effect of either amplitude 
or phase feedback on the transmitter output spectrum may be determined. 
These results may be compared with those obtained when both loops are 
operating or both loops are disabled (conventional transmitter con­
figuration).
The performance of the transmitter running 1 kW PEP for two tone 
modulation under the conditions specified above is illustrated in 
figures H.17—H.20 and delay compensation was used to minimize any 
spurii caused by discontinuities of the VCO control voltage. Phase 
feedback alone gives no improvement in the spectrum compared with the 
transmitter operating without feedback and it may therefore be conclused 
that the spurii from the transmitter are primarily caused by amplitude 
non-linearities. This is confirmed by applying amplitude feedback only, 
which results in an improvement in third order products of greater than 
10 dB. To ensure minimum spurii both forms of feedback are required.
Measurements using the RF power amplifiers indicate that the inter­
modulation distortion from the transmitter is almost entirely produced 
by the valve final stage which operates in class ABl. The inter­
electrode capacitances of the valve are determined by its physical 
construction and they remain essentially constant. As a result, phase 
modulation which arises through variation of these capacitances as a 
function of the RF drive level will therefore be minimal and 
consequently the output spectrum will be mainly determined by the non- 
linearity of the valve's transfer characteristic.
By way of comparison it is interesting to compare the above results with 
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transmitter is designed to operate independently of the Marconi units, 
if required, which allows different high power amplifiers to be used.
An output power of about two watts is available from the VMOS modulated 
amplifier, which is sufficient to fully drive the Racal high power 
section used for the previously described Type 1 transmitter.
The performance of this arrangement running lOOW PEP for two tone 
modulation for the different feedback conditions is shown in figures 
H.21—H.24, in which no delay compensation was used. Phase feedback 
alone results in a significant reduction in all the intermodulation 
levels except the third order products and thus incidental phase 
modulation is significant in determining the output spectrum at 18 MHz. 
This may be confirmed when only amplitude feedback is applied; the 
third order products decrease but the higher order distortion products 
are approximately the same level as they were before the application 
of any feedback. By applying both phase and amplitude feedback very 
little residual distortion is present in the output spectrum. Phase 
modulation distortion is generally at a much higher level in a transistor 
amplifier compared with its valve counterpart because of the greater 
variations in the inter-electrode capacitances. These capacitances are 
inherent as part of the pn junctions forming the device and are markedly 
dependent on the instantaneous voltage appearing across them.
H.5.6 Power amplifier efficiency
All the tests described using the Marconi power amplifier were performed 
with the normal bias settings. Measurements were also undertaken with 
a reduced standing current in both the valve and its class A transistor 
driver stage. A reduction in standing current of 30% is possible for 
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in distortion. The reduction in the valve standing current improves 
the efficiency of this stage at full power by approximately 10% for 
either CW or two tone operation.
H-. 5.7 The response of the transmitter to unwanted signal's fed back 
to the resolver
Spurii will be radiated by the transmitter if unwanted signals are fed 
back and fall near the IF. As the implementation of the phase and 
amplitude loops is identical for both Polar-Loop configurations the 
mechanism of the response of the transmitters to unwanted signals 
will be the same. Leakage of the fedback signal across the down 
conversion mixer caused spurious outputs when operating near 10.7 MHz, 
the IF. By applying a DC bias to the mixer to improve its balance 
leakage could be reduced to greater than 60 dB below the wanted IF 
signal, spurii radiated by the transmitter were then always at least 
60 dB below the fundamental output.
As a 10.7 MHz IF was chosen, harmonics that were fed back gave rise to 
output spurii when the transmitter was operating at 21.4 MHz (caused 
by the second harmonic} and 10.7 MHz Ccaused by the third harmonic).
The pi-1 tuning network of the Marconi power amplifier is very effective 
in attenuating harmonic energy and the measured levels of the second 
and third harmonics were about 60 dB below the wanted output. Thus 
spurii radiated by the transmitter caused by harmonics are always at 
least 60 dB below the wanted output.
External interfering carriers degrade the output spectrum of the trans­
mitter whenever their level exceeds that of the wanted signal due to 
capture effects in the resolver limiters. When the transmitter was 
modulated with white noise the level of an interfering carrier which
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just caused a discernable degradation through spreading of the output 
signal was found to be 50 dB below the PEP of the wanted IF signal.
As in the case of a Type 1 transmitter, the use of a directional coupler 
to obtain the feedback signal would reduce the susceptibility to 
interfering carriers by about 30 dB. Intermodulation products produced 
by the interaction of the wanted and interfering carriers at the output 
of the final stage power amplifier of a Type 2 transmitter are reduced 
by feedback action although the narrow bandwidth of the loops enables 
a large reduction in the level of the spurii to be obtained over only 
a small frequency range.
H.5.8 Transmitter noise performance
The noise output from the transmitter was similar to the level produced 
by the Type 1 transmitter described in chapter 6 because the same type 
of resolver circuit was used which incorporated the noisy limiting 
amplifiers. As the loop bandwidths of a Type 2 transmitter are generally 
lower than a Type 1 design the noise output begins to decrease at a 
lower offset from the carrier.
Unlike a Type 1 transmitter noise introduced by the exciter (SSB 
generator) is not reduced outside the loop bandwidths of a Type 2 trans­
mitter because a portion of the drive signal is fed directly to the RF 
power amplifiers. Therefore, outside the loop bandwidths the noise 
output from the transmitter will be limited by the noise produced by 
the SSB generator which is amplified by the power amplifiers.
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H.5é9 Air tests
Very good audio quality was obtained from the transmitter when the output 
was monitored on a high quality communications receiver and almost no 
intermodulation noise could be detected in the adjacent channel. The 
transmitter was also air tested on the 80 metre and 40 metre amateur 
bands for a period of two months and it performed satisfactorily during 
this time. Complementary reports on the quality of the transmitted 
audio and lack of intermodulation 'splatter' were received (without 
prompting!} in virtually every contact that was made.
H. 6 Conclusions
In this appendix the Type 2 Polar-Loop configuration and its properties 
have been briefly described together with some results from an experimental 
HF transmitter of this type. The configuration is formed by the applic­
ation of negative feedback in polar co-ordinate form around a conventional 
exciter-linear amplifier transmitter; in contrast a Type 1 transmitter 
applies feedback around an EER transmitter. The two forms of Polar-Loop 
transmitter are similar in that the implementation of the phase and 
amplitude control loops is the same. Therefore, the mechanism of their 
response to unwanted signals reaching the resolver is also the same. 
Moreover, the large amount of feedback deployed in each case reduces 
the sensitivity of the transmitters to such factors as power amplifier 
linearity, biasing and RF gain and supply voltage variations.
A Type 2 transmitter was implemented by modifying a 1 kW conventional 
transmitter and excellent linearity and good conversion efficiency were 
achieved across the HF band but further improvements in efficiency 
could be attained by a completely new transmitter specifically designed 
for Polar-Loop operation, rather than modifying an existing commercial 
transmitter.
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Although the Type 1 and Type 2 forms of transmitter are similar, the 
Type 2 configuration has a number of advantages compared with a Type 1 
design:
1. As the SSB signal is not reconstituted from its separate 
components the loop bandwidths need only be sufficient 
to correct for phase and amplitude distortion.
2. The narrower loop bandwidths reduce the sensitivity of 
the transmitter to time delay.
3. Phase component leakage is absent because the SSB signal
drives the power amplifiers.
4. An optional compensating time delay may be introduced which
matches the delay around the phase loop. This is
especially useful for signals of wider bandwidth such as 
DSB or ISB where the absence of compensation may lead to 
increased spurious radiation. For narrowband modulation 
such as SSB speech delay compensation was found not to be 
necessary.
The above advantages render the Type 2 approach adaptable for more 
general applications, such as ISB or DSB. use, whereas the Type 1 trans­
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